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I 

Analoog digitaal omzetters volgens het vouwprincipe combineren de voor
delen van de digitale bemonstering van de parallel omzetter met het kleine 
chipoppervlak van omzetters volgens het twee-staps conversieprincipe. 
{Hoofdstuk 5} 

II 

Derde harmonische vervorming, welke ontstaat als gevolg van de van het sig
naal afhankelijke vertraging in versterker/cornparator trappen, is de belang
rijkste parameter voor het bepalen van de vereiste bandbreedte van digitaal 
bemonsterende analoog digitaal omzetters. 
(Hoofdstuk 6) 

III 

Dynamic Element Matching combineert de reeds goede gelijkheid van ele
menten in een geïntegreerd systeem met de nauwkeurigheid van tijdsbepaling, 
hetgeen resulteert in een zeer hoge eindnauwkeurigheid van een stroomde-
lingsfunktie. 
(Hoofdstuk 7) 

IV 

De verhouding van signaal tot ruis-plus-vervorming is de beste maat voor de 
kwaliteit van omzetters, 
(Hoofdstuk 3} 

V 

Een simulatie geeft meestal een optimistisch beeld van de werkelijkheid. 

VI 

Het. plaatsen van verkeerslichten aan de overzijde van een kruising bevordert 
de ziciitbaarheid ervan en daarmede de verkeersveiligheid. 

VII 

Ook bij analoog digitaal omzetters is het beter een foute beslissing te nemen 
dan geen beslissing. Fouten kunnen hersteld worden, texwijl onzekerheden 
leiden tot wanorde. 

VIII 

Het openen van de Berlijuse inuur ŵ il niet zeggen dat het defensie budget 
nu snel kan worden gereduceerd. 

IX 

Het werkstation met geschikte software is de moderne soldeerbout voor de 
elektronische ontwerper. Alhoewel het aanleren van het gebruik van het 
werkstation veel tijd en kennis vergt is de productiviteit van het apparaat 
veel groter dan van de warme soldeerbout. 

X 

Na de introductie van de Compact Disc en de daarmee gepaard gaande di-
gitalisatie van goluid is de audio signatilprocessor de volgende s tap naar de 
concertzaal in de Iniiskamrr. 

. — ^ 
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XI 

Het toegenomen aantal hart- en vaatziekten bij vrouwen vindt zijn oorzaak 
in de toename van het £Lantal vrouwen dat is gaan roken. 

XII 

De geregelde katalysator die bij de inwendige verbrandingsmotor wordt toege
past geeft slechts een tijdelijke vermindering van de belasting van het milieu 

Aan Emmy, 
Marjoke en Evert, 

en onze ouders. 
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Chapter 1 

Introduction 

In this introduction an overview of the contents of this thesis will be given. 
Analog-to-digital and digital-to-analog converters provide the link between 
the analog world of transducers and the digital world of signal processing, 
computing and other digital da ta collection or data processing systenis. Nu-
mcious types of converters have been designed which use the best technology 
available at the time a design is made. The improvements in bipolar and 
MOS technologies result in high-resolution A / D and D / A converters which 
can be applied in digital audio systems. Piirthermore, the high-speed bipolar 
technologies show an increase in conversion speed into the Giga Hertz range. 
Applications in these areas are, for example, in high-definition digital televi-
sion and digital oscilloscopes. The availability of high-speed memory chips 
results in so-called "one-shot" memory applications in these oscilloscopes. 
In this thesis different techniques to irnprove the accuracy in high-resolution 
A / D and D / A converters will be discussed. Also, a special technique to 
reduce the number of elements in high-speed A / D converters by a repetitive 
use of comparators will be described. 

In chapter two the application of converters in systems will be discussed. If 
analog-to-digital and digital-to-analog converters aie applied in time-discrete 
systems it is important to perform these operations on frequency-band-
limited signals. In most cases filters are needed to limit the input and output 
spectrum of the analog signals. If no band hmitation is performed then alias-
ing of the analog signals into the signal band of interest can occur. General 
criteria which determine the overall system performance in the case of ideal 
converters are introduced and defined. 



2 CHAPTERl. INTRODUCTION 3 

Performance definitions of converters are defined in chapter three. The 
performance definitions must be unique for a specific parameter. Good pa
rameter definitions of converters are very important in determining the final 
performance of a time-discrete system. Furthermore, these definitions can 
be used to compare different brands of converters. In particular, a good 
definition of the dynamic parameters of converters is needed. The applica-
tion of converters in digital audio and digital video systems requires these 
dynamic specifications. Many converters which originally were designed for 
high-accuracy measurement system apphcations are not optimized for dy
namic operations. In digital audio, for example, many specifications which 
are important in instrumentation are of minor value. The specific dynamic 
parameters therefore must be defined and related to important design pa
rameters. 

After defining the important specifications of converters good measurement 
set-ups and definitions are needed. In chapter four attention is paid to mea-
suring the dynamic performance of converters. Usually de parameters can 
be measured with automatic test equipment and are well defined. Much at
tention has been paid to obtaining measureinents and measurement set-ups 
which give the required parameter in a fairly simple and with a well-defined 
test condition. One of the most important parameters to be determined in 
this way is the dynamic range of a system. This dynamic range is deter
mined by measuring the signahto-noise ratio of a convcrter. This signal-to-
noise ratio must be close to the theoretical value, which is defined over a 
bandwidth equal to half the sampling frequency. When large discrepancies 
are found, then this converter is not designed to operate under dynamic 
conditions. Sometimes it is possible to overcome some of the problems by 
adding external circuitry, which for example can be a deglitcher circuit to 
reduce the glitch of the converter or by adding da ta latches which perform 
the switching of the bit weights in a digital-to-analog converter at the same 
time moment. A high-performance sample-and-hold amplifier in front of a 
parallel-type A / D converter can improve the dynamic performance of this 
converter. 

In general it can be said that humans are more inventive in the design of 
analog-to-digital converter structures than in the design of digital-to-analog 
converter structures. The number of systems and circuits which can perform 
analog-to-digital convcrsion is much larger than the number of structures and 

basic Solutions to digital-to-analog conversion. In chapter five examples of 
high-speed analog-to-digital converters are discussed. Up till now the full-
flash converter was considcred the fastcst converter type which can be de
signed. This, however, is only partly true. Due to the use of a large amount 
of coinponents, for example in an 8-bit converter 255 comparators are needed 
to detect every code level. The size of such a converter becomes large with 
respect to the time a signal needs to travel over the Interconnection lines on 
a chip. In high-speed converters the time difference for signals travelling at 
the top of the converter structure with respect to signals travelling in the 
middle of the structure is in the order of pico seconds. Taking into account 
that the transmission speed over the interconnection Hnes in an integrated 
circuit is about two thirds of the speed of light, then 1 psec equals about 
200 microns of interconnect. When the size of an analog-to-digital converter 
chip without sample-and-hold amplifier increases it is practically impossible 
to match clock- and signal-line delays within the required time accuracy. 
Therefore, improved converter systems using a continuous input-signal fold-
ing architecture are described. In the final system only zero crossings of the 
analog signal are important for the converter accuracy. To reduce the num
ber of input amplifier-comparator stages in this system interpolation of zero 
crossings is used. This system results in a compact very high-performance 
analog-to-digital converter structure. 

In high-speed analog-to-digital converters which are based on the full-flash or 
folding principles the question about the relation between maximum analog 
input frequency and the bandwidth of the comparator-amplifier stages arises. 
In chapter six an analysis which determines the relation between the maxi
mum analog input frequency and the bandwidth of the comparator-amplifier 
stages is determined. Furthermore it will be shown from this analysis tha t 
a limited analog bandwidth of the system results in third-order signal dis-
tortion. This distortion can fold back into the baseband of the converter 
and results in a reduction in the signal-to-noise ratio of the system. The 
maximum analog input frequency will be defined as that input frequency 
for which the signal-to-noise ratio is reduced by a value equal to half the 
least significant bit. The number of effcctive bits as a function of input 
frequency will be used as an accurate measure for the performance of high-
speed analog-to-digital converters. 

In high-accuracy analog-to-digital and digital-to-analog converters the ac
curacy with which the binary weighting of the bit weights is performed is 
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an important design criterion. Resistor or capacitor matching in integrated 
circuits hmits the resolution of converters based on these clements to about 
ten to twelve bits. Trimiiiing methods can be used to overcome this problem. 
These trimniing methods, however, are expensive, while in addition changes 
of the trinnned elements due to time or temperature variations destroy the 
accurate trimming of the converter. In chapter seven a generally applicable 
method will be introduced. This method combines accurate passive division 
with a time interchanging concept to obtain a very high weighting accuracy 
without using accurate elements. Furthermore, this method is independent 
of element aging and remains accurate over a large temperature range. Ex-
amples of 14- and 16-bit digital-to-analog and analog-to-dlgital converters 
will be given which use this special m.ethod. 

In high-accuracy analog-to-digital converters the analog input signal must 
be sampled and kept constant during the time the conversion takes place. 
High- resolution and high-accuracy sample-and-hold amplifiers are a key 
element for analog-t o-digital conversion in, for example, digital audio. A 
sample-and- hold ampliiier, designed in a bipolar technology will be given 
in chapter eight. This sample-and-hold amplifier uses high-performance op-
erational amplifiers with improved frequency compensation techniques. A 
specially designed all-NPN class-B output stage with switching capability 
comjiletes the design. 

Low-noise high-stability reference sources are a basic element in convert
ers. In integrated circuits reference sources are designed which are based on 
the bandgap voltage of silicon. The temperature dependence of the bandgap 
voltage reference sources is small, but in the case of 16-bit converters this 
temperature stability is not good enough. Therefore, systems which use a 
second order temperature compensation will be discussed in chapter nine. 
The noise analysis of these systems is performed and da ta will be given on 
the signal-to-noise ratio and methods to reduce the noise as a function of 
frequency. 

All circuits given in this thesis use bipolar technologies. Most of the designs 
were implemented in a Standard 10 micron minimum-size double-metal pro-
cess. The transition frequency of the transistors in this process is between 
350 MHz and 400 MHz. In the high-speed folding and interpolation analog-
to-digital converter an oxide-isolated bipolar process with a transition fre
quency between 7 and 8 GHz is used. The minimum emitter size of the 

transistors in this technology is 2 x 3 micron. 

Finally, in chapter ten the most important conclusions on converter types 
described will be given. Although a short conclusion is drawn after every 
chapter, it is important to have an overall review of the results obtained. 

• 
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Chapter 2 

The converter as a black box 

2.1 Introduction 

A / D and D / A converters are the link between the analog world of trans-
ducers and the digital world of signal processing and da ta handhng. In an 
analog system bandwidth is hmited by device and element performance and 
the parasitics introduced. Thermal noise generated in active and passiva 
components limits the dynamic range of an analog system. The ratio be
tween the maximum allowable analog signal and the noise determines the 
dynamic range of the system. The signal-to-noise (S/N) ratio is a measure 
of the maximum dynamic range. By definition the noise is measured over a 
bandwidth equal to half the sampling frequency of the system. 
In a digital system the amplitude is quantized into discrete steps and at 
the same time the signal is samplcd at discrete time intervals. When the 
sampling time moments at quantization difFer from the sample time mo-
ments at the time the signal is reconstructed into an analog signal again, 
a signal distortion is introduced. This phenomenon is very important in 
time-discrete systems and iinds it origin in "time j i t ter" or time uncertainty 
of the sampling clock. In j^articular, input signals at the high-frequency 
end of the signal band show a great sensitivity to a sampling time uncer
tainty. Purthermore, the sampling operation of analog signals introduces a 
repetition of input signal spectra at the sampling frequency and multiples 
of the sampling frequency. If the input sigual bandwidth is larger than half 
the samphng frec[uency aliasing of spectra occurs. In that case frequencies 
around the sampling frequencies and its multiples are folded back into the 
baseband of the system. Usually this is an unwanted operation. To avoid 

7 
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aliasing of the signal, the input bandwidth must be limited to not more than 
half the sampling frequency. (Nyquist criterion see [6]) This filtering must 
be performed by time-continuous filters. 

The quantization of analog signals into a number of amplitude-discrete lev-
els places limitations on the accuracy with which signals can be reproduced. 
This quantization error is often called "quantization noise" to indicate that 
the errors have a random amplitude distribution and in this way have a noise-
like frequency spectrum. This random character, however, implies tha t mi-
der no circumstances should the analog input signal and the sampling clock 
have any correlation. If a correlation exists then the quantization errors 
appear at well-defined points in the frequency spectrum which are generally 
multiples of the signal frequency. The ratio between the input signal and 
the sanrijling frequency should preferably be a prime number to avoid this 
correlation. The dynamic range of a digital system is determined by the 
number of quantization levels. 

In this chapter the different criteria mentioned will be described in more de
tail. The converter will be treated as an ideal black box. Specifications for 
input and output circuitry connected to the ideal converter will be derived 
under the condition that the overall system performance must be close to 
the ideal converter performance. 

2.2 Basic D / A and A / D converter function 

In Fig. 2.1 a block diagram of a D / A converter is shown. Digital signals 
are applied to the converter as parallel signals. Suppose we have a binary-
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Figure 2.1 ; Block diagram of a D/A converter 

weighted converter, then the digital input value is converted into an analog 

value using the foUowing equation: 

m=n—l 

Voui = 2_^ Öm2 ^ Rref- (2.1) 
771 = 0 

In this equation Vout represents the analog output value and Rref is a refer
ence value. 
Note that equation 2.1 represents a n-hït converter. 
A reference current source or a reference voltage source is mostly used in 
practical implementations. 
BQ represents the Most Significant Bit (MSB) of the converter and B^^i is 
the Least Significant Bit (LSB). The factor 2~ '" indicates the binary weight-
ing of the bit values as a function of the variable m. 

A block diagram of an A / D converter is shown in Fig. 2.2. A sample-
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Figure 2.2 : Block diagram of an A/D converter 

and-hold amplifier is added to sample the input signal and hold the signal 
Information at the sampled value during the time in which the conversion 
into a digital number is performed. In an A / D converter the equation 2.1 
changes into: 

xr 771 —7Ï—1 

Tire f 
(2.2) 

m=Q 

This can be partly rewritten as: 

m^Ti—1 

Dout = ^ Bm^ ^' 
m=0 

(2.3) 

In this equation Bout represents the digitized value of the analog input signal 
Va and q^ represents the quantization error. The quantization error repre
sents the difference between the analog input signal Va and the quantized 
digital signal l^oui when a finite number of quantization levels n is used. 

\ 

I 

f 
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2.3 Classification of signals 

2 . 3 . 1 A n a l o g s i g n a l s 

Analog signals are time-continuous and amplitude-continuous. Basically, 
there is no limitation in bandwidth and ampHtude. When analog signals 
are processed by systems, however, frequency liniitations are introduced and 
noise gcnerated by actlve or passive components is added. 
The dynamic range of a system is determined by the signal-to-noise ratio 
(S/N) of that system. An ideal test signal is supposcd to be applied to that 
system for the determination of the signal-to-noise ratio. Maximum signal 
is determined by the distortion components gcnerated in the system. A 10 
% distortion level is adopted for cxample in power amplifiers to dcfine the 
maximum signal level. 

2 . 3 . 2 T i m e - d i s c r e t e s i g n a l s 

Time-discrete signals are generated by sampling an analog signal at discrete 
time intervals without quantizing the amplitude of this signal. In most sys
tems equal time intervals are used as the sampling clock. The sampling oper-
ation, however, introduces replicas of the input frequency spectrum around 
the sampling frequency and multiples of the sampling frequency. To avoid 
aUasing of frequency spectra, the input signal bandwidth must be Ümited to 
half the sampling frequency as imphed by the Nyquist criterion [6]. When 
an analog signal has to be limited in bandwidth, then a time-continuous 
filter is needed to avoid a repetition of frequency spectra in this filter. Such 
filters, however, eau introducé phase distortion, which may be audible in 
high-performance digital audio systems. 

One example of a time-discrete system is a sample-and-hold ampHfier. In 
such an amphfier analog signals are sampled and stored on a capacitor dur
ing the hold time. Samples are taken at well-defincd discrete time intervals 
without quantizing the signal amplitude. 

2 . 3 . 3 A m p l i t u d e - d i s c r e t e s i g n a l s 

In a continuous time system the amphtude can be quantized into discrete 
amphtude levels, resulting in an amplitude-discrete signal. This operation 
can be performed to maintain well-defined amplitude levels when signals pass 
through several processing stages. This ampHtude ciuantizatiou introduces 
quantization errors which limit the accuracy and dynamic range of a system. 

2.4. SAMPLING TIME UNCERTAINTY 11 

To obtain steppcd output signals of the quantizer a high gain and a large 
comparator bandwidth is needed. 

2 .3 .4 D i g i t a l s i g n a l s 

Digital signals are obtained if a signal is sampled at discrete time intervals 
and the amplitude is quantized in discrete amphtude levels. The amplitude 
quantization introduces quantization errors which limit the accuracy of the 
system. Sampling at discrete, equal time intervals, requires a limited input 
signal spectrum to avoid aliasing. Variations in sampling time moments of 
fast-changing analog signals result in amplitude quantization errors, com.-
pared with signals sampled at equal well-defined time intervals. To avoid 
such errors, the sampling time uncertainty must be small. Especially at the 
high end of the input frequency spectrum these errors are significant. 
Digital values represent well-defined levels. In a binary coded system a "O" 
or ZERO rcpreseuts an "ofF' or "false" state, while a " 1 " or ONE represents 
an "on" or " t rue" state. These well-defined levels are called logic levels which 
may be TTL, ECL or CMOS levels in a binary-coded system. 
A /D and D/A converters perform digitization or reconstruction of analog 
signals. The performance of such a system can be measured by measuring 
the signal-to-noise ratio over a well-defined system bandwidth. To simplify 
comparison of converters a measuring bandwidth equal to half the sampling 
frequency is used. In the following paragraphs these definitions will be ex-
plained in more detail. 

2.4 Sampling t ime uncer ta inty 

Samphng time uncertainty introduces additional errors when analog signals 

are sampled at equal time intervals and reconstructed at time intervals which 
show a timing uncertainty or vice versa. To obtain quantitative insight into 
the problem of sampling time uncertainty, suppose that a sine wave close to 
half the sampling frequency is applied to an A / D converter. The maximum 
slopc of the input signal occurs at the zero crossing of the signal as shown in 
Fig. 2.3. If the sampling time moment varies between t and / -f- At, then an 

ampHtude variation between At and At + AA is obtained. The peak-to-peak 
amplitude variation AA must be at maximum equal to the quantization step 
Qa of the converter to avoid a loss in quantization resolution of the converter. 
As a result, the quantization step qg is equal to the Least Significant Bit 
(LSB) value of the converter. Suppose furthcrmore that the converter has a 
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t t-hAt 
Sarnplf Tiim' 

Figiire 2.3 : Tiiuc-uüctTtainty rajculalion niodcl 

2.5. QLVLVnZ.AT/O.V ERRORS 13 

As aii cxamplc tho sainpliiig time unrrrtainty is rahulatrd for a IG-bit digital 
aiidio systrni witii aii input frccpiniry ƒ,„ of 20 kil / . Iiibcrtlug tLcbC valueü 
iiitu c-quatiuii 2.7 givcs a tiuiu unciTtaiiity t)f leb.s thau | ii.soc. 

2.5 Quant ization errors 

The quaxiti/atiuu pruccss iiitiuduccs nu irrrvcrsiWe error. (sec [7,8]). Thrre-
fore wf want to calnilatc the rclatimi ïirtu-oori thf ipiantizatioii sfrp q^ auJ 
the iiijjut .signal l',,,. TLf (iuanU/.atiuii htep is dctcriiiiucd by LLC nurnber 
uf ittcpt» rt sigiiid is ((uaiiti/rd iiito. This nurnhrr of quantization stops is ex-
prpssrd in a minibrr (»f (binary v.rlghtrdj bit.s ; j . lu Fig. 2.4 the quautixation 

binary wcightiug with n bits, tht-n tlic numbcr uf quaiiti/aliuu Icvcls is ctjuaj 
to 2". The sanii)Iiug time unccrtaiaty At nmst be so small tliat the LSB 
ajiiplitude levcl is uot exreedcfi fur sign^ds with a b.uidwidfh rqiud tu half 
the sampling frrqnency . 
With a sine wave input uf Kn = Asinut we obtain for the sampling time 
uncertainty: 

(2.) A/ = 
AuJcosujt' 

and with 

A, l = 
2^ 
2"' (2.5) 

the resiilt h oroiurs: 

At = 
2-n 

Kfi„cos2nf,nt 
(2.G) 

Here 2.4 = poak-to-peak amplitude of the signal, uj = 2;r/,„ and ƒ,„ is the 
input signal frcqueucy. 
Formula 2.6 shows that tho sampling time uncertainty dojx-nds on tho mo
ment the input signal is sampled (/ is still in the oquation!). Thn tighto.st 
speciücatiou fur the sampling timo unrertainty i.s obfained wheu t = 0. 
laserting / = O into formula 2.G result.s in; 

^*Tiiax — 
2-" 

ir fin' 
(2.7) 
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Figurc 2.4 : Quauiizatiu» of a sigual at levcl Aj 

of a siguaJ al the amplluule levcl Aj is shown. A signal Aj -\- e ïs quantizod 
into levrl Aj as long as the valnc of e i.s l)etw(n'u - ^ < £" < ^ - FVom tliis 
exaiiij)Ip it liin be scen that the quanti/alion crror basirally ncver exceeds 
an amplitude levcl ecpial to i ^ . Signals whicli are largcr than Aj -f- ^ are 
quantizod to the uext ([uanti/cr step Aj+i. 
The uieau-iquare-crror due Lu quautization can now be calcidatod. Wo as-
sume that over n Inng period of time all Icvels of unccrtaiuty within the 
qnantizing rcgion Aj ± ^ appcar the Siune uumbor of times. A uniform 
prubability distribution function over tho interval ± ^ is dofinod in this way. 

t 
F 

I 



14 CHAPTER 2. THE CONVERTER AS A BLACK BOX 

I I 

Ou this assumption the mean-squared value of e will then be; 

Is. 

Eis') = e'de. 
Qs J-^ 

(2.8) 

The symbol E{.) represents the statistical expectation. 
The average error value is zero on the assumptions made. 
Solviug the iutegral by using the uniform probability distribution function, 
the quantization error can be expressed as a quantization error voltage e^„^. 
The rms quantization error voltage e^^^ — ^ ( t ^ ) can be represented by: 

1 

J - J^ 
^s- (2.9) 

The peak-to-peak signal amphtude A^p in the system with n-bits and a 
full-scale signal amplitude is equal to: 

App = ( 2 " - 1 ) xqs. 

It is easy to calculate the rms signal value A^ma of the signal App: 

(2.10) 

A — 
qs X (2" - 1) 

2 ^ 2 
(2.11) 

In this calcuiation a smewave signal is adopted. The signal-to-noise ratio 
(S/N) can be calculated using equation 2.11 divided by the square root of 
equation 2.9, resulting in: 

S/N = {2''-1}VÏ^ (2.12) 

Equation 2.12 can be simplified into: 

S/N = 2 " V T : 5 (2.13) 

when a large number of quantization steps is used. Converting equation 2.13 
into decibels results in: 

S/N = n X 6 .02+ 1.76 dB. (2.14) 

In general equations 2.13 and 2.14 are ncarly always used to calculate the 
dynamic range of a converter. In this thesis these equations are adopted 
too. The errors are within the accuracy with which the dynamic range of a 
system can be measured. 

2.6. OVERSAMPLING OF CONVERTERS 15 

When 7ï = 4 the error is 0.6 dB. This error decreases to below 0.01 dB for n 

= 10. 
Formula 2.14 shows that the dynamic range of a system increases by 6 dB 
when an extra bit is added. By definition the dynamic range of a system is 
equal to the signabto-noise ratio of that system measured over a bandwidth 
equal to half the sampling frequency. 
The dynamic range of a 16-bit digital audio system can be found by inserting 

n = 16 into formula 2.14. We obtain S/N = 98.1 dB. 
Because the quantization error can be modelled by a random process we can 
compare this error with noise. By this modelling the quantization error is 
sometimes called quantization noise. It is very useful to express formula 2.9 
as a noise density per unit bandwidth: 

qn Af) = Ql 
12/.i ̂9 

Ê. 
6/ , 

(2.15) 

Here faig is the signal bandwidth and f^ is the sample frequency. 
Because the signal-to-noise ratio in a system is calculated over a bandwidth 
equal to half the sampling frequency the following relation is used: fsig = 

2/s-
The signal-to-noise ratio as density now becomes: 

S/N{f) = 2 " - i y 3 v ^ . (2.16) 

The signal-to-noise ratio of a system with a bandwidth of fsig is found by 
dividing equation 2.16 by ^/Jaïg. 
The result becomes: 

^ I ^^ syatem — ^ 
n-l (2.17) 

It is very advantageous to use formula 2.17 for dynamic range calculations 
of Systems which do not use Nyquist sampling. 

2.6 Oversampling of converters 

When in a system the samphng frequency is made much higher than the 
maximum signal frequency this operation is called "oversamphng". The 
quantization error in this case is randomized over a larger frequency band. As 
a result the quantization noise density is reduced and the efFective resolution 
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of the system increases when the system bandwidth is kept equal to the 
bandwidth of a Nyquist sampled system using the lower samphng frequency. 
Using formula 2.17 we have an expression for the signal-to-noise ratio of the 
oversampled system: 

s/N, system = 2 " - i \ / 3 (2.18) 

or in decibels we get 

S/N = nx 6.02 ~ 1.25 + 10 log 
f: 

Jsit 
dB. (2.19) 

As an example the dynamic range of a four times oversampled system will 
be calculated. Inscrting -P- = 8 into formula 2.19 results in: 

Jaia 

S/N - (n + 1) X 6.02 + 1.76 dB. (2.20) 

Comparing this result with formula 2.14, it can be seen that the dynamic 
range increases by 6 dB or 1 bit. In Fig. 2.5 a graphical approach to 
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Figure 2.5 : (a) Quantization error of a Nyquist sampled converter system 
(b) Quantization crror of a four times oversampled converter system 

the oversampling of converters is shown. Note the reduction in quantization 
noise density of the oversampled system. The total quantization error shown 
as shaded areas is equal for both systems because the same number of bits 

2.7. FILTERING 17 

is used. In the dashed areas signals appear which are introduced by the 
sampling proccss. For simplicity only the frequency range from zero to fg or 
Af3 is shown in the figure. The samphng operation introduces replicas of the 
frequency spectra at multiples of the sampling frequency too. Usually these 
replicas do not add additonal Information to the picture and are therefore 
omitted. This omission is introduced in the following figures too. When 
the signal bandwidth is kept at ^fg the total quantization error is reduced 
with a factor four in example b), and the increase in resolution with 1 bit is 
obtained. 

2.7 Filtering 

As stated before, the signal bandwidth in a sampled system must be limited 
to maximally half the sampling frequency. In an A / D converter system an 
analog filter preccdes the converter. In a high-resolution systena the attenu-
ation of this filter must be large, while the transition band is usually sinall. 
Steep filters are needed because of the small transition band. These filters 
niight be of the eUiptical type. Such filters have a serious phase distortion. 
In digital audio systems, for example, this phase distortion can be audible. 
To ovcrcome this problem, oversampling of converters is used so a much 
simpler analog filter caji be applied. Such a filter can be designed without 
too much phase distortion. The final channcl filtering is performed by a 
transversal digital filter which has a Hnear phase characteristic. (see [48]). 
In a D / A converter system low-pass filtering is needed to reject the frequency 
spectra above the band of interest. The reconstruction filter takes care of 
this process. Depending on the width of the transition band, a steep analog 
filter might be required. By using oversampling together with a digital filter
ing operation a high-performance reconstruction filter can be obtained. In 
the following paragraphs a more detailed analysis of the filtering operation 
will be given. 

2 . 7 . 1 A n t i - a l i a s f i l t er ing i n A / D c o n v e r t e r s y s t e m s 

In Fig. 2.6(a) an A / D converter system with only analog filtering is shown. 
The shaded area (Fig. 2.6(b)) shows the signal response of an ideal filter. 
The drawn line close to half the samphng frequency shows the transition 
band of a more practical filter. The dashed area shows the stopband region 
of the input filter. This region is only drawn up to ƒ3, but actually starts 
from f = ^ to f = 00. In systems with a minimum sampling rate compared 
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to the analog bandwidth, a small transition band of the filter is required. 
Analog filters with such a steep characteristic mostly have a non-linear phase 
characteristic. Purthermoie, the stopband rejection must be related to the 
number of bits in the system. Aliasing of these stopband signals should 
result in errors which are below the qiiantization noise level. 
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Figure 2.6 : (a) A/D converter system with analog filtering 
(b) Analog filter response 

A system which uses a combination of an analog prefiltering foliowed by a 
digital postfiltering filtering is shown in Fig. 2.7(a). In this system a four 
times oversampled A / D converter allows the use of a simpler analog nearly 
linear-phase prefilter to reject the signal band around the high sampling 
frequency Af3. This simple analog filter is foliowed by a linear-phase digital 
filter performing the steep filtering characteristic. In Fig. 2.7(b) the filter 
characteristic of the analog filter is shown. The digital filter performs the 
steep filtering at ^ . Between 3^ ƒ<, and 4/s the passband signal is reproduced 
again. However, signals, which can be present in the input-signal frequency 
spectrum are already filtered out by the analog prefilter. The at tanuat ion 
of the analog input filter must be so large, tha t signals which are aliased 
by the sampling operation of sample-and-hold amplifier and appear in the 
input signal band are below the level of the quaiiiization error. The digital 
postfilter then performs the rcciuired steep filtering around •^. The final 
result of the analog prefiltering and digital postfiltering operation is shown 
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Figure 2.7 : (a) A/D converter system using combined analog and digital filtering 
(b) Analog filter response 
(c) Total filter response 

in Fig. 2.7(c). This final characteristic shows the high-frcquency tail of the 
analog filter around Af3. The stopband rejection of the combined analog 
and digital filter must be made so high that subsampling can be appHed 
without aiiasing the stopband signal components into the baseband. In that 
case digital output words at the lowcr samphng rate f3 can be suppfied to 
the following digital signal processing circuitry. Remember also that the 
resolution of an oversampled system can increaLse. In some cases it can be 
advantageous to apply oversampling to increase the resolution of a system. 
(for example distortion products at the high-frequency band edge can be 
removed by using oversampling). In Fig. 2.7 the subsamphng or decimation 
operation with a factor 4 is shown as the box called R. The final result 
of this whole operation is an accurate filtering with an almost hnear phase 
characteristic. 



20 CHAPTER 2. THE CONVERTER AS A BLACK BOX 

2 . 7 . 2 O u t p u t filtering i n D / A c o n v e r t e r s y s t e m s 

In D / A converter systems low-pass filtering is needed to reject the repeated 
spectra around the sampling frequency and multiples of the sampling fre-
quency. Only the baseband is of interest, while the high-frequency compo-
nents of the ouput signal of the D / A converter can, for example, overload the 
power postamplifier which drives the loiidspeaker in a digital audio system, 
This reconstructiou filter removes the quantization steps from the signal and 
trajisforms it into a smooth ampHtude. In Fig. 2.8 an ideal D /A converter 
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Figure 2.8 : (a) D/A converter system (b) Ideal amplitude characteristic of the 
total system 

system is shown. Basically this system is the inverse function of the A / D 
converter system shown in Fig. 2.6. 
However, there is one big difference. D /A converters act as a sample-and-
hold function during reproduction of the digital signal into an analog value. 
This zero-order hold operation introduces an extra amplitude distortion. A 
circuit block called sample-and-hold (S/H) is added in Fig. 2.8 to make this 
clear, while Fig. 2.9 shows the operation of a zero-order hold. During the 
hold time i/j of the D / A converter the analog output signal remains constant. 
The low-pass filter "averages" this signal resulting in the dashed output sig
nal shown in the figure. The transfer function of the zero-order hold can be 
calculated. 

Suppose tk is the time during which the data is in the hold mode, then the 
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transfer function becomes: 

H(juj) = 
1 - e'- '̂̂ ^^ 

(2.21) 

After rearranging we obtain for the amplitude characteristic of the system; 

HH 1= 
sinu; k 

ÜJ h. 
(2.22) 

This is a well-knowu amplitude distortion called ^ ^ distortion. In a normal 
D / A converter the hold time is equal to the sampling time so: ffi — 4- . Every 
clock cycle the input data can change and remains constant over that clock 
cycle. With UJ = 2 nfin formuia 2.22 can be rewritten into; 

H{27rfi^) \= 
sm JLlis. 

TT IhL 
Is 

(2.23) 

In D/A converter system which is sampled at the Nyquist rate, the maxi
mum input frequency is equal to half the sampling frequency. Inserting fi^ 
= ^fs into equation 2.23 results in an amplitude reduction of ^ or 3.92 dB. 
In somc cases it is possible to design the analog low-pass filter in such a way 
that the ^^^^ amplitude distortion is compensated for by an increase in the 
amplitude characteristic of this filter at the high frequency band edge. 
A second possibility to overcomc this problem is obtained by a decrease of 
the hold time t^ for example by a factor equal to four. In that case the 
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amphtude reduction is only 0.22 dB at the same input frequency fin-
Auother possibihty to avoid the amplitude reduction is obtained by increas-
ing the sampling frequency of the converter. Wi th the same input frequency 
fiji the ratio y^ decreases, giving the desired result. Such an operation can 
be performed by ovcrsampling the D / A converter. In Fig. 2.10(a) a D / A 
converter which combines a digital oversampling annex low-pass filtering 
function is shown. With the box called R the oversampling is introduced. 
In this specific example a four times oversampling is used. In reference [9] a 
detailed description of such a system is given. The digital filtering performs 
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Figure 2.10 : (a) D/A converter system using combined digital-analog low-pass 
filters 
(b) Amplitude characteristic of the analog postfilter (c) Amplitude characteristic of 
the total system 

the steep filtering between ^ and 3-^ . The analog postfilter takes care of 
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the signal band around 4/^. This is shown in Fig. 2.10(c) using the dashed 
slanting line. The analog filter can be designed having a nearly linear phase 
characteristic. As a result, the amplitude distortion due to the ^ ^ signal re
duction is reduced to 0.22 dB. Although the filter exhibits a smaU transition 
band, a nearly linear overall phase characteristic is obtained. 

2.8 Minimum required stopband at tenuation 

Suppose the low-pass filter in the A / D converter system as shown in Fig. 
2.6 has a fimited stopband rejection. Suppose furthennore that the analog 
bandwidth of the input amplifier or the comparator in the A / D converter 
is limited to fcomp- Due to the sampling of the input signal all input signal 
frequencies which are in the aliasing signal bands are folded back into the 
baseband of the system. The number of aliasing signal bands which are 
folded back into the baseband are limited by the extra filtering introduced 
by the input signal amplifier or the bandwidth of the comparator in the 
A / D converter. In Fig. 2.11 the attenuated signal at the output of the 
amplifier comparator stage is shown as a function of frequency. Note that 
the bandwidth fcomp of the input amplifier or comparator in this case is 

about 3/s. When noise with a frequency spectrum between ƒ =^ and ƒ ^ 
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Figure 2,11 ; Output signal of the amplifier-comparator stage in an A/D converter 
system 

3/^ is input into the system, then the number of bands which are folding 
back noise into the baseband of the system is eqnal to: 

Nfold = 
ƒ comp _A 

h. 
•1 

(2.24) 
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The fold-back noise adds to the 
signal-to-noise ratio of the system. 
now increases by a factor 

qiiantization error and thus reduces the 
The quantization "noise" in the baseband 

Nfoid = \'^x 
Jco'rnp 

"TT 1 (2.25) 

I£ we wish to have a condition in which the total foldback-noise in the base
band is equal to the quantization "noise" in the system when a signal is 
applied in the baseband, then the stopband rejection of the low-pass filter 
must be increased by a factor equal to: vNjoid-
This increase in stopband rejection (Ajoidback) is equal to: 

Afoldback = yNfoid = lOlogiV/o/d dB. (2.26) 

This means that in a system with n bits the minimum stopband rejection of 
the input filter must be: 

Asiopmin = nx 6.02 + 1.76 + lölogNjaid- (2.27) 

Inserting formula 2.25 into formula 2.27 results in an expression for the 
minimum required stopband rejection Agtop: 'inin 

Asiopmin = nx 6.02 + 1.76 + 101og(2 x ^ ^ - 1) dB. 
Ja 

(2.28) 

When a low-pass filter with a minimum stopband rejection equal to 2.28 is 
used, then the dynamic range (S/N ratio) of the system is reduced by 3 dB. 
If a smaller reduction is required, then the stopband attenuation must be 
increased. 

Although an A / D converter is mostly preceded by a sample-and-hold arnpli-
fier, the transfer function of this sample-and-hold unit does not introducé the 
well-known ^ ^ amplitude distortion. The reason is that the sample-and-
hold amplifier tracks the input signal during sample mode. At the moment 
the amplifier is switched from the sample to the hold mode, the peak signal 
value is taken. This means that at the sample moments the exact signal 
value is sampled and converted into a digital value. No holding or averaging 
of the signal occurs. The extra hold time is only needed to allow the A / D 
converter to perform the conversion from an analpg time-discrete signal into 
a digital output signal. 
As an example, the minimum stopband rejection of an input filter for an 
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audio A / D converter will be calculated. This calculation involves the worst
case condition of signals outside the signal band. Suppose the bandwidth 
of the comparator is equal to 8.8 MHz, then with a sampling frequency of 
44 kHz we obtain for the minimum stopband rejection using formula 2.28 
Astopband = 98 -h 23 = 121 dB. In practical situations, however, the noise and 
signals outside the baseband usually do not have the maximum amplitude 
equal to the signal amplitude. Purthermore, the basic A / D converter itself 
must have a signal-to-noise ratio measured over the signal band close to the 
theoretical value of 98.1 dB. 

2.9 Conclusion 

In this chapter the dynamic range of A / D and D/A converters is defined and 
requirements for input and output filters are introduced. Different nriethods 
of anti-alias or reconstruction filtering are shown. If a linear phase character-
istic is rec[uired in a system then a combined analog-digital filtering solution 
gives the best results. 

A general relation defining the samphng time uncertainty in relation to the 
resolution of the converter and the maximum input signal frequency is de-
rived. This relation detcrmines the stabiHty of the sampling clock over a 
short period of time. 
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Chapter 3 

Specifications of converters 

3.1 Introduction 

To obtain insight into the design criteria for converters it is important to 
arrive at a unanimous definition of specifications. These specifications m.ust 
include the application of converters in conversion systems (see references 

[10,11]). DynaiTiic specifications of converters are needed to obtain insight 
in the applicability of a certain converter in a digital signal processing sys
tem e.g. digital audio or digital video. In a conversion system the complete 
conversion from analog into digital or digital into analog Information is per-
formed. Such systems include input or output amplification and anti-alias 
filtering. 

Unanimous specifications for de performance are well known in literature. 
Specifications for converters in signal-processing systems are more difficult 
to standardize. One of the reasons for this hmitation in specification can be 
that in the early days of conversion the application of converters was in the 
area of digital voltmeters and control systenas. These systems need the high 
de performance at low signal speeds. 

Digital audio in comparison with voltmeters, for example, applies for high-
performance dynamic system specifications. The performance of converters 
in digital audio systems is at the limit of the possibilities of today's technol-
ogy. In this chapter the most important specifications will be defined and 
discussed in more detail. 

27 



28 CHAPTER 3. SPECIFICATIONS OF CONVERTERS 

3.2 Digital data coding 

luforniatiou in digital form appears at the input of a D / A converter or at 
the output of an A / D converter. This code can appear in parallel form or 

serially on a single line. 
In the digital world several logic systems are used. Today's CMOS logic is 
overtaking the widely used Transistor Transistor Logic (TTL) in which a 
" 1 " , ONE or " true" rcpresents a niinmium level of +2.4 V and "O", ZERO 
or "false" corresponds to a maximum level of +0.4 V. CMOS logic swings 
are determined by the applied supply voltage, which for todays logic blocks 
is 5 V. The output swing of CMOS logic then close to 5 V. In high-speed 
systeras Emittcr Coupled Logic (ECL) is used with levels of - 0.9 V for a 
logic " 1 " and - 1.8 V for a logic "O". The small logic swing of 0.9 V allows 
high-speed apphcations. The advantage of ECL circuits is the possibility 
of a fuU differential system operation. This differential operation prevents 
large currcnt spikes from flowing in the supply lines during switching. Thus 
a low interference between the analog signal path and the digital signal pa th 
can be obtained. 

In systems with a serial digital data stream a conversion from the serial 
s tream into a paraUel word must be performed. A shift register which per-
forms serial to parallel conversion is added for this purpose. Purthermore 
da ta latches are added which at the end of the serial-to-parallel conversion 
get the data word latched on the connmand of the latch clock. These da ta 
latches directly drive the current or voltage switches for example in a D / A 
converter. Analog data appears at the output of the converter after new data 
is latched in. The data latches together with the bit switches are optimized 
to obtain a minimal output glitch during switching of the converter. This is 
very important in a D / A converter system. Such a system can be operated 
without a so-called deglitcher when the glitch energy is small compared to 
the LSB arca. In Fig. 3.1 an example of a serial-to-parallel conversion in a 
D / A converter is shown. 
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Figure 3.1 : Serial-to-parallel conversion in a D/A converter 

The advantage of this circuit conüguration is that the da ta latches together 
with the bit switches can be optimized for the best switching performance. 
Usually this means the smallest glitch error. D / A converters with paraUel 
digital inputs often do not have data latches on board. Applying these 
converters requires an accurate board layout to match the delays between 
the output signals of the data latches and the switches. Users are not always 
aware of this problem and therefore end up with a low overall performance 
of the converter system. Large "glitches" may appear at the output of the 
converter because of the non-equal switching time of bit switches during 
code transitions. A "glitch" is a large output signal change (larger than 
the amplitude of an LSB step) appearing during a code transition of a D / A 
converter. 

3,3 Digital coding schemes 

As a digital code the natural binary code (base 2) is used. Without additional 
measures it is difhcult to obtain bipolar signals. Therefore, an offset binary 
code is introduced. This code is "ofïset" by turning on the MSB bit for an 
analog value of zero. Mostly an additional current is added to subtract the 
MSB bit current from the input or output current value to obtain analog 
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zero. The principal drawback of the offset binary code is that a major 
carry transition occurs if a small bipolar signal is generated or converted 
around zero. Such a transition requires the highest hnearity around zero 
and immediately gives rise to "ghtch" problems. These problems are worst 
for D / A converters. In A /D converters the noise which is part of the offset 
current is added to the input signal and may result in a reduction of the 
dynamic range of the system. Furthermore this offset must be stable with 
temperature and variations in sUpply voltage should not change the zero 

setting of the A /D converter. 
A Sign-Magnitude code seems to be the most straightforward approach to 
the ghtch and noise problem. The Sign-Magnitude coding introduces an 
inverter into the system operating on the conmiand of the sign bit of the 
signal. This inverter, however, introduces an accuracy problem which is even 
more difficult to solve in high-resolution converters than the de "offsetting 
of the converter in the offset binary raode. 
Other codes can also be used. When computational operations are needed 
the Twos Complement code is very useful. In Fig. 3.2 is a table showing the 
different codes which can be used in converters. Prom the table it can be 
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imbcr 
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+ 1 

0 
0 
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- 7 
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0 + 
0 -
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-8/8 

Negative 
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-7 /8 
-6 /8 
-5 /8 
-4 /8 
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-1 /8 

0 -
0 + 

+ 1/8 
+ 2/8 
+ 3/8 
+ 4/8 
+ 5/8 
+ 6/8 
+ 7/8 
+ 8/8 

Sign + 
Magnitude 

0 1 1 1 
0 1 1 0 
0 10 1 
0 1 0 0 
0 0 11 
0 0 10 
0 0 0 1 
0 0 0 0 
1 0 0 0 
1 0 0 1 
10 10 
10 11 
1 1 0 0 
1 1 0 1 
1 1 1 0 
1 1 1 1 
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0 1 1 1 
0 1 1 0 
0 10 1 
0 1 0 0 
0 0 11 
0 0 10 
0 0 0 1 
0 0 0 0 

(0 0 0 0) 
1 1 1 1 
1 1 1 0 
1 1 0 1 
1 1 0 0 
10 11 
10 10 
1 0 0 1 
1 0 0 0 

Offset 
Binary 

1 1 1 1 
1 1 1 0 
1 1 0 1 
1 1 0 0 
10 11 
10 10 
1 0 0 1 
1 0 0 0 

(10 0 0) 
0 1 1 1 
0 1 1 0 
0 10 1 
0 1 0 0 
0 0 11 
0 0 10 
0 0 0 1 
0 0 0 0 

Ones 
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0 1 1 1 
0 1 1 0 
0 10 1 
0 1 0 0 
0 0 11 
0 0 10 
0 0 0 1 
0 0 0 0 
1 1 1 1 
1 1 1 0 
1 1 0 1 
1 1 0 0 
10 11 
10 10 
1 0 0 1 
1 0 0 0 

Figure 3.2 : Different liigital coding schemes 

seen that with the Ones Complement and the Sign-Magnitude code two code' 

possibilities for zero are found. codes. A computation has to be performed 
to avoid this doublé zero coding. 

3.4 DC specifications 

3.4.1 Absolute accuracy 

Accuracy of converters should not be confused with linearity and resolution. 
It includes the errors of quantization, non-linearities, short-term drift, offset 
and noise. 

The absolute accuracy of a converter is the actual full-scale output signal 
(voltage, current or charge) referred to the absolute Standard of the National 
Bureau of Standards. This absolute accuracy is mostly related to the refer
ence source used in the converter. Sometimes this reference source consists 
of a special temperature-compensated zener diode. In integrated circuits this 
zener diode is replaced by an integrable source which in modern systems is 
based on the bandgap voltage of silicon. This reference source should have 
a low-noise with respect to the resolution of the converter. Temperature 
coefficients in the ideal case should be so small that the accuracy of the 
reference over the specified temperature range stays within the resolution of 
the converter ( i LSB over the full temperature range). 

3.4.2 Relative accuracy 

The relative accuracy is the deviation of the output signal or output code 

of a converter from a straight line drawn through zero and full scale. 
This error is called; Integral Non Linearity (INL) or sometimes linearity. 
Throughout this thesis the Integral Non Linearity will be used. 
In Fig. 3.3 a graphical example is shown of the integral non-Hnearity defi-
nition. In the figure the boundaries for which the non-linearity deviates not 
more than ± ^ LSB of a straight line through zero and fuU scale are shown. 
The ± \ LSB integral non-linearity definition implies a monotonie behaviour 
of this converter. 
Monotonicity of a converter means that the output of, for example, a D / A 
converter never decreases with an increasing digital input code. A minimum 
increase of zero is aUowed for a 1 LSB increase in input signal. In Fig. 3.3 
the transfer curve of a monotonie converter is shown. 
It must be noted at this point that converters can be designed which are 
guaranteed monotonie but do not have the half LSB hnearity specification. 

u 

j - ^ - " 

^ 
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F i g u r e 3 .3 ; Definition of t he Integra l Non-Linear i ty of a conver ter 

These converters are based on non-binary weighting of the bit currents. They 
can for example use a tapped resistor netwerk. 
The specification of monotonicity does NOT include that a converter has 
a dl 2 LSB integral non-Iinearity error! Examples of converters which are 
monotonie by design are presented in references [12,13,14]. 

3.4.3 Non-linearity calculation 

A simple calculation can be performed to show that the non-linearity speci
fication of dl 2 LSB is necessary to prove monotonicity of a binary-weighted 
converter. 
Suppose we have an n-bit biuary-weighted converter, then with e^ corre-

% 
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sponding to the error of the rn^^ bit, the non-ideal weighting of this bit can 
be written as: 

(3.1) i om 1 
"m — ^ i" Cm 

Note that a unity LSB bit-weight is used in this equation. This does not 
influence the non-linearity calculations. 
The non-linearity will now be calculated as the total deviation from a straight 
hne between zero and full scale. The full-scale value B of an n-bit converter 
can be expressed as: 

B= Y. (2" + ^^). 
771=0 

(3.2) 

With 
m=n—l 

J2 2"' = 2"- l , 
m=0 

(3.3) 

this can be simplified into: 

m=n—l 

S = 2"-l-h Yl ^ 
m—o 

m (3.4) 

Note that the total number of quantization steps is given by equation 3.2. 
The "ideal" stepsizc S of the converter can be calculated using the full-scale 
value of the converter and the number of quantization steps, resulting in: 

S = 
B 

n = 1 + E
/rt—n —1 
m = 0 ^"t 

2 ' ^ - ! 
(3.5) 

The liuearity error A^ of the k bit compared with a value obtained from 
the ideal straight line through zero and full scale becomes; 

E -ni—n — l 
m=o ^rn 

A^ = 2̂ ^ X (1 -h 
2 " - l 

) - ( 2 ^ + 6,). (3.6) 

In general errors will have positive and negative signs. Adding all errors 
together must result in a total error of zero, because the sum of all non ideal 
bit-weights is used as the full scale value. The following calculation proves 
this statement. Summing A^ results in: 

k=:n—l k=n—\ 

E A.= E 
^=0 ^^0 

2^^-! 

77i==n—1 

m-O 
m 

k=n-\ 

- Y. ^̂ • 
fc=0 

(3.7) 
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Inserting again: 
fc^n-l 

^ 2*̂  = 2 " - l , (3.8) 

this equation can be simplified iiito: 

k^n—l 7 7 i = n ^ l 

i : Â = E m 

k—o m = 0 

fc = 7l —1 

- E ^̂  = 0-
k^Q 

(3.9) 

As a result of this calculation the absolute values of the sum of all positive 
errors A^ must be equal to the sum of au negative errors A/j.. The integral 
non-linearity of a converter (INL) is now specified as the total error of the 
positive or negative errors or: 

INL = Y2 PositiveAk = 
k=0 

k=n-l 

— V^ NegativeAii 
k=Q 

(3.10) 

To prove monotonicity of a binary-weighted converter suppose that as a 
first step only the MSB bit value is too small. This means tha t the sum of 
the remaining bit errors must be equal to the MSB bit error but with the 
opposite sign. The non-linearity error A ^ - i of the MSB bit can be expressed 
as: 

n - l A„_i = 2^-' X (1 + 
ETTi—n—1 

m^Q ^m 

2 " - l 
n-l ) - ( 2 ' ' ^ ' + é „ ^ i ) , (3.11) 

or: 

A . _ i = ( 
n-l 

2 " - l 
X 

771—n—1 

E 
m^O 

^rn) ^n —1* (3.12) 

As defined in equation 3.10 the MSB-bit error given by equation 3.12 is equal 
to the integral non-linearity (INL) of the converter. Thus: 

INL = A n - i (3.13) 

1 

h-

In Fig. 3.4 the minimum condition for monotonicity is shown. The dashed 
slanted lines indicate the di 2 LSB boundaries determined by the integral 
non-linearity specification. As is shown, this converter has a ± i LSB non-
linearity specification. 
When the MSB-bit is smaller than the sum of the other bits, the converter 
becomes non — monotonie as is indicated by the dashed curve in the figure. 
The major carry transition from all bits except MSB switched on (011) com-
pared to only MSB switched on (100) is shown. Furthermore, it is supposed 
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that the MSB bit value is too small compared to the rest of all bits. 
The linearity error given by equation 3.10 is a measure for monotonicity of 
the converter. When in a D / A converter the digital input code is increased 
by a value of 1 LSB then the minimum requirement for monotonicity is no 
increase in analog output value as shown in Fig. 3.4. This means tha t twice 
the error given by equation 3.12 must be less or equal to 1 LSB or: 

\ \ 

2TI-1 n z = n - l ^ 

An-1 = ^ 7 ^ X^ ^"ï ~ ^n-l < -^LSB, 
m^Q 

2 " - l 2 
(3.14) 

^ 
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or: 

INL < \LSB. (3.15) 

In general it can be said that the errors of the individual bit weights must 
be added according to the definition given in equation 3.10. To guarantee 
monotonicity of the converter the sum of the errors must never exceed i 
LSB value. In Fig. 3.5 the errors of the individual bit-weights of a binary 
weighted converter are shown. The errors for full-scale and zero are cali-
brated to be zero. In this way a straight Hne between zero and full-scale is 
obtained. Starting from the left slde of the figure, the errors start from the 
MSB-error eind go down to the LSB-error. Finally the total of the positive 
and the negative errors are plotted at the most right side. This converter can 
be specified as having a ± | LSB integral non-linearity error. In a converter 
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Figure 3.5 : Bit-weight error of a binary weighted converter 

it is always possible to generate a code which coincides with this worst case 
error. Furthermore a converter might be monotonie having a linearity error 
of more than -^ LSB. In that case an increase in analog output larger than 2 
LSBs is possible. A "missing" code value is introduced in this converter. 
Conclusion: A converter is always monotonie when the integral non-linearity 
specification (INL) is less than or equal to ib | LSB. 

However, when a converter is specified to be always monotonie then this 
specification does not automatically imply an integral non-linearity error of 
less than or equal to ± ^ LSB. 
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3 . 4 . 4 DifFerent ia l n o n - l i n e a r i t y 

Differential non-linearity (DNL) error describes the difference between two 
adjacent analog signal values compared to the step size (LSB weight) of a 
converter generated by transitions between adjacent pairs of digital code 
numbers over the full range of the converter. 
The differential non-linearity is zero if every transition to its neighbours 
cquals 1 LSB. In a monotonie binary — weighted converter an increase of 
the digital code value by 1 LSB can result in an increase in analog signal 
between O and 2 LSBs. The maximum differential non-linearity in this case 

is ± 1 LSB. 
Writing down the differential non-linearity in a formula gives: 

DNL = Sout{Cm-^i) - Sout{Cm) " ILSD (3.16) 

Cm-\-i a-nd Cm aĴ e two adjacent digital codes. 
Sout is the output signal of the converter. 
In Fig. 3.6 the transfer curve of a 4-bit A / D converter is shown. The drawn 

line shows the ideal transfer characteristic, while a dashed line indicates the 
different non-linearity errors which may occur in practical converters. Inte
gral non-linearity (INL), differential non-linearity (DNL) and full scale range 
(FSR) are shown partly as a function of the LSB error using dashed lines. 
Furthermore an example of a missing code is given in the picture. In a vi-
sualized way the non-linearity errors are shown to improve understanding. 

3 .4 .5 Offset 

Input and output amplifiers and comparators in practical circuits inherently 
have a built-in offset voltage and offset current. This offset is caused by the 
finite matching of components in integrated circuits. Such an offset results 
in non-zero input- or output voltage, current or digital code. 
Offset is very important in de systems. Temperature dependence of the offset 
must be small. Trimming or auto zero procedures can remove the offset in 
a system. Furthermore casre must be taken during the layout of the circuit 
to avoid thermal coupling and thermal gradients over an integrated circuit. 

3 . 4 . 6 T e m p e r a t u r e d e p e n d e n c e 

Monotonicity and hnearity must be maintained over a large temperature 
range (—20° C to -h85° C) to keep distortion and signal-to-noise ratio within 
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Figure 3,6 ; Transfer curve of a 4-bit A/D converter 

the specified range. Mostly this requires a very good thermal tracking of 
components. In an n-bit system with a relative accuracy of ± ^ LSB this 
linearity may change maximally by ± ^ LSB over the full temperature range 
to maintain monotonicity of the system, A ± ^ LSB Hnearity over the 
full temperature range is obtained in this way, while in binary weighted 
Systems this linearity specification automatically includes monotonicity of 
the converter over the full temperature range, ^ 

Suppose we have a variation in temperature of A T , then the differeuce in 
thermal tracking for components must not exceed a value of 

2-n 

4x A r per degree C. (3.17) 

Because the most significant bits in a converter must have a high accuracy, 
the thermal tracking of these bits must be very good. The estimate given 

in 3.17 is only needed for most significant bit matching. In a 16-bit system 
subjected to a temperature change of 105*̂  C this means that the temperature 
tracldng of components should not exceed 0.04 ppm per degree C. In this 
analysis it is supposed that the Huear (first-order) temperature coëfficiënt is 
much larger than the second-order term. 

3.5 Dynamic specifications 

The most important dynamic specification of a converter is the signal-to-
noise ratio. This signal-to-noise ratio depends on the resolution of the 
converter and automatically includes specifications of linearity, distortion, 
sampling time uncertainty, glitches, noise and setthng time. Over half the 
sampling frequency this signal-to-noise ratio must be specified and should 
ideally follow the theoretical formula: S/Nmax = 6.02 x n -j- 1.76 dB. 
Specifications must be given as a function of frequency with various am
plitudes and as a function of amplitude with a constant signal frequency. 
An even more stringent dynamic performance definition is obtained if the 
total harmonie distortion (THD) of the converter is added to the quan-
tization error. Even in this case the maximum signal-to-noise ratio of a 
high-performance converter must be close to the aboven given formula. In 
Fig. 3.7 and Fig. 3.8 examples of these specifications are shown. 
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Figure 3.7 : Signal-to-(noise plus distortion) ratio as a function of frequency with 
various amplitude values 
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Figure 3.8 : Signal-to-(iioise plus distortion) ratio as a function of amplitude 

3 .5 .1 Gi i t ches 

Glitches are usually important for the performance specification of D/A 
converters. A glitch is generated when during a major carry code transition 
the new code signal value appears before or after the signal value of the 
former code disappears. The largest glitch is mostly generated by a major 
carry transition around the MSB-bit level. In Fig. 3.9 a styled glitch is 
shown. Suppose the full-scale (peak-to-peak) amplitude of the converter 
equals 2A, thcn the MSB value is close to A. Furthermore, the difïerence in 
switching time is defined as t^if. 
Then the glitch-area error is equal to: 

Egiüch = Ax tdif Vsec (3.18) 

As an example, the ghtch crror of a 16-bit D/A converter will be calculated 
compared to the LSB bit value. 

Suppose the switching time difference Uij = 1 nsec and the full-scale value 
of the converter is 1 V, then the ghtch error becomes: Eyiuch = 500 pVsec. 
The LSB value now equals: i 

ELSB = 2 " " X t, Vsec. (3.19) 

A 

A 

idif 

LSB 

'.V-
Time 

Figure 3.9 : Major carry glitch of a converter 

With a sample time ta of 20 ji sec for the converter and n = 16 we obtain: 

ELSB = 300 pVsec. 
The glitch error in this example is about one and a half times larger than the 
LSB bit value. To quahfy this converter as "good", the ghtch error must be 
at least reduced by a factor three. A solution to reduce the ghtch error is the 
addition of a so called "deghtcher" circuit at the output of a D/A converter. 
Ghtches exhibit in the output signal of a D/A converter as distortion, re-
duction in signal-to-noise ratio compared to the maximum theoretical value 
and only a shght improvement in performance when a converter is used in 
an oversampled mode. An example of a measured MSB-glitch of a 14 bit 
D/A converter is shown in Fig. 3.10. The output signal is measured across 
a 25 ohm load resistor. 

3 .5 .2 N o i s e 

Thermal noise (white noise) of bit-currents, amphfiers, resistors etc. adds to 
the quantization noise. This thermal noise exhibits itself as a deviation from 
the theoretical maximum signal-to-noise ratio an ideal converter can have. 
A simple calculation demonstrates the decrease in signal-to-noise ratio of a 
system compared to the signal-to-noise ratio of the basic converter in that 
system. Suppose that the thermal noise in the system is equal to k times the 
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Figure 3.10 : Measured MSB-gHtch error 

quantization noise of the converter. We then obtain for the signal-to-noise 
ratio of the system; 

^/•^^sysiem — ^/-^quaniizer ^ 
1 

VïTl^' (3.20) 

In this calculation we suppose that the quantization noise (error) is uncor-
related with the thermal (white) noise. Therefore the thermal noise adds to 
the quantization noise in the usual way. 
With k^ < 1 this can be rewritten as: 

7^-^'-h'^- (3.21) 

Thus: 

S/N 
1 

system — '^ I ^^ qnardizery^ n^ ) (3.22) 

Inserting ÏOT k = \^ then; 

S/N,ystem = 0.95 X S/Na uaniizer' (3.23) 

This means that m a 16-bit D /A converter system with a theoretical signal-
to-noise ratio of 98.1 dB, the thermal signal-to-noise ratio must be at least 
108 dB to get an overall signal-to-noise ratio loss in a system of not more 
than 0.5 dB. , 

In A / D converters using a successive approximation method for conversion, 
a much larger comparator bandwidth compared to the signal bandwidth is 
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Figure 3.11 : Gaussian distribution curve of noise 
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needed to obtain the same sampling time. It is in this case much more dif-
ficult to keep the signal-to-noise ratio in a system low enough. The noise 
generated in the input circuits causes a "dithering" of the comparator at the 
transition levels between the successive quantization levels. We also have to 
add the foldback noise. A rough estimate of the influence of noise on the 
maximum signal-to-noise ratio of an A / D converter is possible when this 
converter is operated with an input de voltage equal to the quantization 
level. The noise always trips the comparator so a 1 LSB peak-to-peak out
put code is generated. In Fig. 3.11 the Gaussian distribution curve of noise 
is shown. Here a is the rms value of the noise. A code error occurs when 
the peak-t-peak noise exceeds the 1 LSB threshold. Suppose now that the 
Gaussian distribution curve lies syimnetrically around the ih -^ LSB decision 
level. Then Cnoise = ^ LSB = a. Looking at the distribution curve we can 
say tha t during 68.2 percent of the time the peak-to-peak quantization error 
is equal to 1 LSB. Duriug the next 31.5 percent of the time the peak-to-peak 
error increases to 3 LSBs. The next 0.3 percent of the time the peak-to-peak 
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error increases to 5 LSBs. The input noise trips the different quantization 
levels with steps equal to 1 LSB. 

Subtracting a de offset froni the output eode equal to ^ LSB gives an out
put signal which does not contain de eomponents. The output noise of the 
converter can now be estimated with respect to the noise level of a quanti
zation step which is equal to 1 LSB. Adding the quantization noise powers, 
we obtain; 

Ptotal = .682 X ql^^jrss 4- .315 X ql^^^SB+l + -003 X q^,r^sLSB+2- (3-24) 

In this equation q'^^.isB represents the quantization noise power of the LSB 
bit. The quantization error of the LSB + 1 bit is 3 times larger (peak-to-
peak) than the quantization error of the LSB bit. Furthermore the quanti
zation error of the LSB -\- 2 bit is five times larger (peak-to-peak) than the 
LSB bit. Note again that these errors are peak-to~peak errors. If the next 
quantization level is tripped by noise, then the peak-to-peak value increases 
with 2 LSBs. 

Inserting these values into formula 3.24 gives: 

Ptoiai = QgnsLSB >< 3.59. (3.25) 

This total power can be eonverted iuto a voltage across the same load resis-
tanee. 
This results in: 

^•iotal — QqnsLSB X 1-9- (3.26) 

The output noise of the system in this way increases by a factor 1.9 or 5.5 dB 
with respect to the quantization error of the converter. At the moment the de 
biasing of the converter is changed so that the decision level is only tripped 
if the input signal value exceeds ± i LSB, the first term in formula 3.24 
disappears. No output code appears in this way because of the hysteresis in 
the quantizer. 

Formula 3.24 now changes into: 

Pioial = .315 X ql,,,LSB + l + -003 X q^^aLSB+l' (3.27) 

Inserting values for the two quantization errors as defined above results in: 

Pioial —QqnsLSB ^ 2.91, (3.28) 

or eonverted into a voltage this value becomes: 

<^iotal = QqnaLSB X L7. (3.29) 
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This analysis shows that the output noise changes with changing input de 
signal. Whon in a good converter design the noise generated in the input 
amplifier and cornparator part is reduced, then the changes in output noise 
with varying input de signal are much larger. This can be seen if the input 
noise is reduced from er = ^ LSB to \ LSB; then the probabiUty for er = 6 
is so small that the occurrence of quantization errors with a 3 LSB peak-to-
peak value is practically zero. At this moment the output noise of the input 
condition given by equation 3.26 tends to approach the c|uantization error 
QqnsLSB^ while in the case of the condition given by equation 3.28 the output 
noise tends to approach zero. In this manner a very good specification of 
an A / D converter is obtained. In this calculation it is supposcd that the 
noise applied at the input of the A / D converter has a bandwidth which does 
not exceed half the sampling bandwidth. If the noise bandwidth is much 
larger than half the sampling frequency then the noise increases by a factor 

2 X -p. Here fi is the bandwidth of the input amplifier-eomparator stage. 

he results of formulas 3.26 and 3.28 must be multiplied by this factor. 
Designers of high-resolution A / D converters must be aware of this noise 
phenomenon. 

3 .5 .3 D i g i t a l s i g n a l f e e d t h r o u g h 

Digital signals in most of the converters are TTL-compatible. The disadvan-
tage of the T T L levels in, for example, high-resolution D / A converters is the 
feedthrough of the TTL logic levels into the analog output current signal. 
This feedthrough reduces the dynainic range of the converter and introduces 
harmonie distortion. These distortion phenomena can be explained by sup-
posing that at the output of the D / A converter a sine wave is generated. 
In a system with offset binary coding the MSB bit changes with the sign of 
the sine wave. Feedthrough in this case adds to the fundamental frequency, 
which can residt in amplitude changes. The MSB -1 bit, however, changes 
twice as fast as the output sine wave. Feedthrough in this case adds sig
nals to the output, which results in second harmonie distortion. Identical 
reasoning can be applied to third- and fourth-order distortion. To avoid 
this problem a serial coding of the input signal must be used. This serial 
coding reduces the nurnber of input pins with TTL levels. Furthermore, 
the frequency spectrum of the input digital signal is far above the working 
bandwidth of the converter and therefore this spectrum will be removed by 
the reconstruction low-pass output filter. 
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3 . 5 . 4 D i s t o r t i o n 

The signal band of interest is not ouly present in the frequency spectrum of 
sampled signals but it is also reproduced around multiples of the sampling 
frequency f^, 2/^, 3/^ etc. If such a signal is appHed to a linear amplifier, 
then due to the finite linearity of such a system intermodulation products 
are generated. Apart from the harmonie distortion components introduced 
by the finite linearity of a converter, two dominating intermodulation prod
ucts for an input signal with a frequency fi^ can easily be found by mixing 
the lower band frequency f3 - fin with the upper band frequency ƒ3 + fin, 
resulting in a harmonie distortion 2fin. When the second harmonie 2[fg 
- fin) oi the lower band mixcs with the upper band f^ + fin then a non-
harmonie product | f^ - Zfin \ is obtained. As long as the frequency fg -
^fin ^ fb only the harmonie distortion 2fin is found. Here fb is the sys
tem bandwidth. The minimum sampling frequency at which only harmonie 
distortion products are found can be calculated. With fin ~ fb we obtain 
fa = 4.fb. In a digital audio system with fb = 20 kHz the lowest sampHng 
frequency to obtain only harmonie products must be at least fg = 80 kHz. 
However, a lower sampling frequency (/^ = 44 kHz) is normally used, so 
harmonie and non-haxmonic products must be encountered. In Fig. 3.12 a 
graphical approach to the distortion problem in a D / A converter is shown. 
Prom Figure 3.12(b) it can be seen that signals close to half the samphng 
frequency have a large amphtude "mirrored" signal [fg - fin). These signals 
require extreme linearity of the post-amplifier systems to avoid mixing re
sulting in non-hnear distortion products appearing in the baseband. When 
the "hold" time of the converter is reduced, then the ^^^^ amplitude dis
tortion is reduced. At that moment the amplitude of the high-frequency 
signal components increases and the hnearity requirements of the post am
plifier systems must be even more improved. Note that an identical result 
is obtained for a sample-and-hold amplifier. 

1 

3 . 5 . 5 A c q u i s i t i o n t i m e 

The acquisition time of a system is the time difference between the moment 
a command is given and the moment the systeiuis responds to this command. 
This time is important in for example sample-and-hold amplifiers. In Fig. 
3.13 the definition of the acquisition time is shown appHed to a sample-
and-hold amplifier. The acquisition time is defined in this system as the 
time difference from giving the "track" command until the output signal 
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Figure 3.12 : D/A converter distortion model 

tracks the input signal. The moment of "tracking" is the time for which 
the output signal "tracks" the input signal with a well-specified accuracy. 
The acquisition time is also a measure of the maximum applicable sampling 
frequency of a sample-and-hold ampHfier. 

3 . 5 . 6 A p e r t u r e t i m e 

The aperture time of a sample-and-hold amplifier is specified as the time 
difference between the "hold" command is given and the moment the real 
sample is taken. In a sample-and-hold amplifier and flash-type A / D con-
verters this specification is vcry important. DifFerences in aperture time, 
usually called aperture time uncertainty, determine one of the major errors 
in sampled systems (see, for example, chapter 2 "Time j i t ter") . 
In sample-and-hold amplifiers the aperture time determines the minimum 
time required to elapse before the "start conversion" command can be given. 
In a fiash-type A / D converter the aperture time determines the difference 
between the sample command and the actual time the analog input signal 



48 CHAPTER 3. SPECIFICATIONS OF CONVERTERS 3.5. DYNAMIC SPECIFICATIONS 49 

Amplitude 

k 

Input Signal 

Amplitude 

i 
Acquisition Tim,e 

f Sample Mode 

Tim, 

Figure 3.13 : Definition of the acquisition time of a S/H ampUfier 
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Figure 3.14 : Definition of aperture time 

is sampled and converted into a digital signal. In Fig. 3.14 the definition 
of the aperture time is shown. A variation of the time difference between 
the "hold" command and the "start conversion" command in an A / D con
version system can result in fractional changes of the signal-to-noise ratio. 
Depending on the type of A / D converter, the start conversion command 
can be given before the final settling of the hold amplifier. As a result, a 
fractional change in maximum accuracy of the sample-and-hold amplifier 
is found. This accuracy variation gives rise to small changes in the maxi
mum the signal-to-noise ratio of a system. An optimum signal-to-noise ratio 
is mostly obtained when the time difFerence between the sample command 
and the start conversion command is more than the minimum time required 
according to the specification sheet. 

3.5.7 Analog system bandwidth 

In high-speed A / D converter systems the analog bandwidth at full input 
signal must be defined. In ideal converter systems the maximum analog 
bandwidth is equal to half the sampling bandwidth. In practice, however, 

there are various reasons why this theoretical value is not obtained. In 
chapter five a number of rcctsons will be given and explained. Therefore it 
is necessary to give a good specification for the analog signal bandwidth of 

a converter. 
A very precise specification of this analog bcindwidth is found by specify-
ing the maximum: analog frequency for which the signal-to-noise ratio of the 
system decreases by 3 dB or ^ LSB with respect to the theoretical value of 

the system. 
By definition the bandwidth obtained in this way is called Effective Resolution 

Bandwidth [ERB). 
During the determination of the effective resolution bandwidth of a system 
a fixed sampling frequency is used. This sampling frequency is usually more 
than two times the analog effective bandwidth. 
In Figure 3.15 the results of a resolution bandwidth measurement are shown. 
The 3 dB decrease in signal-to-noise ratio of the system is used to define the 
(full-signal) analog bandwidth of the system. The effective resolution band
width must be measured at full scale to include time jitter and linear and 
non-linear distortion products. 
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Figure 3.15 : Effective resolution bandwidth of a converter 

3 . 5 . 8 S a m p l e - t o - h o l d s t e p 

The sample-to-hold step is a change of the analog output signal in a sample-
and-hold amphfler at the moment the circuit changes state from the sample 
to the hold mode. Due to the charge feedthrough in the switch an extra 
amount of charge which is not a measure of the analog input signal is added 
to the hold signal. This hold step introduces an error. When the hold step is 
independent of the signal level no non-linear distortion is introduced and the 
hold step can be seen as sm extra de offset. Sometimes a control signal can 
be applied to the sample-and-hold amplifier to zero the hold step. Basically, 
designs can be made which minimize the sample-to-hold step and make this 
step independent of the input signal level. (see chapter 8 for a detailed 
description of a sample-and-hold amplifier). In Fig. 3.16 the sample-to-hold 
step of a sample-and-hold amplifier is shown. 

3.6 Conclusion \ 

In this chapter the basic requirements for A / D and D / A converters are de-
fined. These definitions lead to basic circuit design constraints which must 
be fulfilled to obtam high-performance converters. In a binary-weighted con
verter the dl I LSB linearity specification is the only necessary specification 
to guarantee monotonicity. ' 

In high-resolution binary weighted converters the linearity requirement im-
pHes a. very high accuracy of the most significant bit weights to obtain a 
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Figure 3.16 : Sample-to-hold step 

monotonie converter. Signal-to-noise and signal-to-(noise plus distortion) 
specifications give a quick and reliable qualification of a converter. It in-
eindes noise, glitch error, sampling time uncertainty and distortion. These 
dynamic specifications are very important in digital-signal-processing sys-
tems such as, for example, digital audio. 
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Chapter 4 

Testing of D / A and A / D 
converters 

4.1 Introduction 

To verify the different specifications of converters and converter systems it is 
important to set up test facilities and structures and to agree unanimously 
on the test procedures. In general, static performance tests can be per-
formed by using digital voltmeters which can be a part of an Automatic Test 
Ec[uipment (ATE). Dynan:iic tests, especially in the case of high-dynamic-
range tests, require special equipment. Purthermore, these dynamic tests 
are generally more difhcult to standardize and consume more test time. (see 
[15,16]). Up till now dynamic test results have been listed very brieüy in 
specification sheets. In this chapter we will determine test configurations 
and test procedures in order toarrlve at a unanimous qualification of data 
converters. 

4.2 DC testing of D / A converters 

DC specifications are obtained by applying a digital signal source to the 
input of the D/A converter. This digital source can be a personal computer 
(PC) or a specialiy developed device. In Fig. 4.1 a test set-up for DC 
measurements is shown. At the output an IEEE bus programmable digital 
voltmeter (part of ATE) is connected. The measured data can be appUed 
to the personal computer to process this data. How the measured data is 
processed depends on the configuration of the test system. Zero offset, full-

53 
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Figure 4.1 : DC measurement test set-up 

scale accuracy and integral non-hnearity can be measured. It is clear that 
the accuracy of the digital voltmeter must be much higher than the accuracy 
of the converter under test. In a binary-coded converter the individual bit 
weights can be measured. Using the equations from 3.6 and 3.10 shown 
in chapter 3 it is possible to calculate the measured non-Iinearity of the 
converter. The non-hnearity of a converter is defined as the deviations from 
a straight Une dxawn through zero and full scale. In Fig. 4.2 these deviations 
from a straight hne through zero and full scale for the bit weights in a binary-
weighted converter are shown. Full scale error and zero error are t r immed 
to zero to obtain a straight hne between zero and full scale according to the 
linearity specification. The errors of the individual bit-weights are shown 
starting with the MSB error at the left side of the figure to the LSB error at 
the right side of the figure. The total positive and negative error is shown 
at the most right side of the figure as ^ error. This converter has a total 
non-Hnearity error of ib ^ LSB. In a monotonie by design type of converter 
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Figure 4.2 : Bit-wcight error of a binary-weighted converter 

construction every code must be measured and deviations from the straight 
hne through zero and full scale determined. Testing these monotonie by 
design types is more difficult and requires therefore much more test time. 
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Furthermore, the converter construction determines how many data points 
are needed to verify the linearity specification. A resistor string having as 
many taps as the number of digital codes which can be applied shows a 
good example of a monotonie by design type of D / A converter. From this 
example it is easily understood that all converter codes must be tested to 
guarantee a linearity specification. 

4 .2 .1 T e m p e r a t u r e r e l a t i o n s 

To obtain Information about the temperature dependence of DC specifica-

tions the offset, full-scale accuracy and integral non-linearity test must be 

performed at different temperatures. Ten:iperature dependence can then be 

calculated and specified. 
j 

4 . 2 . 2 S u p p l y v o l t a g e d e p e n d e n c e 

Information about supply voltage dependence is obtained by performing off
set, full-scale and linearity measurements at the minimum, nominal and 
maximum supply voltage specifications of the converter. Mostly informa-
tion about the supply voltage sensitivity as a function of frequency is added 
to these specifications. At frequencies around the digital input frequency the 
supply rejection ratio must be relatively high to reject noise generated by the 
digital circuitry which surrounds the converter. When these measurements 
are performed at different temperatures a full specification is obtained. 

4.3 Dynamic testing of D / A converters 

By using a digital programmable sine wave source at the input of a D / A 
converter dynamic tests can be performed. A digital sine wave generator 
applies a practically ideal sine wave to the D / A converter. When an A / D 
converter with an analog sine wave generator is used at the input of the D / A 
converter, then the performance of the A / D converter system influences the 
accuracy of the measurements. In Fig. 4.3 a test set-up is shown. A low-pass 
filter applies the baseband to the analog distortion analyzer. Usually such 
a distortion analyzer is equiped with a monitor output, which contains all 
the signal information except the fundamental signal. This monitor output 
signal can be analyzed using a spectrum analyzer. Information about distor
tion and spectrum of the error signal is obtained in this way. The test set-up 
is extended with an osciUoscope to analyze the high-speed analog output of 
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Figure 4.3 : Dynamic test set-up 

the converter. The glitch error can be measured by adjusting the input 
signal at a major carry transition in a binary-weighted converter. With a 
distortion analyzer the signal-to-noise ratio is measured over a bandwidth 
equal to the low-pass filter bandwidth. The monitor output of the distortion 
analyzer is monitored with a spectrum analyzer to obtain information about 
the spectrum of the quantization error and distortion of the output signal of 
the converter. 

4 . 3 . 1 D y n a m i c i n t e g r a l n o n - l i n e a r i t y t e s t 

By measuring the signal-to-noise ratio with a full-scale sine wave at the input 
and over the full input signal bandwidth information about the dynamic 
linearity is obtained. In a very well-designed converter the signal-to-noise 
ratio must be close to the theoretical value given by: 

S/N = n X 6.02-1-1.76 dB. (4.1) 

This measurcment includes sampling time uncertainty, glitches and integral 
non-linearity. 

4 . 3 . 2 DifFerential n o n - l i n e a r i t y 

Dynamic differential non-linearity is measured by applying a very low fre-
quency signal of e.g. 0.01 Hz superimposed with a 2- to 3- LSBs-sized signal 
with a higher frequency eg. 400 Hz. The amplitude of the 0.01 Hz signal is 
close to the full-scale value of the converter. In this way aU the levels in the 

Figure 4.4 : Major carry glitch me as ure ment res uit 

converter pass by. The variations of the 400 Hz output signal is a measure 
of the differential non-linearity of the converter. This measurement can be 
performed in a short time. A maximum variation of 2 LSBs peak-to-peak is 
allowed for a binary-weighted converter with an integral non-linearity of ib 

^ LSB. 1 
2 

4 . 3 . 3 G l i t c h e s 

Using the oscilloscope the glitch energy can be measured. At the input of 
a binary weighted converter a code giving a major carry transition must be 
applied. Usually the largest glitches occur at the major carry transitions. In 
Fig. 4.4 the result of a major carry glitch measurement is shown. The output 
glitch of a current type D/A converter is measured across a 25 ohm load re-
sistor. By meastu'ing the total energy and comparing this glitch energy with 
the LSB energy, it is possible to determine the infiuence of glitches on the 
total transfer function of a D / A converter. Especially in oversampled offset-
binary-coded D / A converter systems a low glitch energy is very important. 
In these applications a larger resolution than the basic converter is obtained 
by using oversampling. When the glitch error cannot be ignored with respect 
to the LSB size of the emulated higher resolution converter, then this over
sampling is mostly paid-off with a larger distortion. In offset-binary-coded 
converter systems this problem is encountered when small output signals are 
reproduced around zero. The addition of a deglitcher circuit can improve 
the performance of the system. 
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4.3.4 Distortion mectsurenient 
L 

L 

The distortion of a converter system can be measured by applying an ap-
propriate full scale input test signal. In non-oversampled D / A converters 
the largest distortion mostly occurs at the high-frequency end of the fre-
quency band. This distortion results from the finite slew rate of output 
amplifiers. In these ampUfiers, the input signal mixes with the sampling 
frequency, resulting in non-harmonic distortion products. By analyzing the 
monitor signal of a distortion analyzer with a spectrum analyzer it is easy to 
see if this phenomenon occurs. In oversampled converters distortion must be 
measured at the low-frequency band edge. Non-linear distortion occurs here 
because of the final accuracy of the converter. This final accuracy results 
in harmonies of the signal frequency as long as these harmonies are within 
the passband of the system. The oversamphng operation transforms the 
frequency spectra at a m^uch higher frequency. Therefore it is less probable 
that non-harmonic mixing products appear in the baseband of the system. 
Harmonies of the input signal are rejected by the reconstruction low-pass 
filter for signals above 10 kHz in an audio converter. 

4.3.5 Settling t ime measurement 

A dynamic measurement of the settling time of a converter is possible by 
measuring the signal-to-noise ratio over a fixed bandwidth and with a fixed 
measuring frequency. By varying the sampling frequency, the signal-to-noise 
ratio should increase linearly with the square root of the samphng frequency. 
At the point when there is no increase in signal-to-noise ratio the settling 
time of the converter has been reached. To obtain an accurate mecisurement 
of this condition a small ghtch error is required. Adding a degHtcher, how-
ever, can overcome this gHtch problem. 

Direct measurement of setthng time is also possible by applying a special 
test circuit. In Fig. 4.5 this test set-up is shown. The output signal of the 
D / A converter is appHed to a high-speed Schottky-clamped {Di, D2) opera-
tional amphüer (OA) which performs a current-to-voltage conversion in this 
current D / A converter system.. Furthermore, a current Icomp is subtracted 
from the output current of the D / A converter. This compensation current 
determines the current value at which the direct settling time measurement 
must be performed. Schottky clamping is used to prevent overloading of 
the oscilloscope. The measurement is performed by switching the D / A dig
ital input value from zero or full scale to the desired current setting. With 
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Figure 4.5 : Direct settling time measurement set-up 

the oscilloscope the boundary within which the output signal must settle is 
determined. In this way a direct measurement is obtained. However, the 
settling time of the operational ampHfier and the Schottky-clamped circuit 
must be much smaller than the values to be measured. Therefore a careful 
layout and a good choice of devices are necded. 

4.4 DC testing of A / D converters 

In Fig. 4.6 a de test set-up is shown. If de tests are performed the sample-
and-hold function does not need to precede the converter. An accuracy-
limiting circuit can be avoided in this way. The set-up consists of a pro-
grammable high-accuracy de voltage source, a logic analyzer and a controller. 
The output of the A /D converter can be analyzed using a logic analyzer. If 
a D / A converter with a much higher accuracy than the A / D converter is 
connccted at the output of the A / D then it is advantageous to connect the 
output data of the A / D to the D / A converter in such a way that an opposite 
polarity of the output signal compared to the input signal is obtained. By 
connccting two resistors Ri and R2 in a bridge circuit between input and 
output of the system, the linearity can be measured by monitoring the signal 
at the connection marked Vdijjerence between the resistors Ri and R2 with 
reference to zero (testpoint P) . Scale errors can be calibrated by changing the 
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Figure 4.6 : DC test set-up for A/D convertcrs 

vakie of one of the two resistors in such a way that only differcnces appear 
at the node. By programming the analog input source, offset and fuU-scale 
errors can be rnonitored with a logic analyzer. Differential and integral Hn-
earity measurements are performed by slowl}^ varying the analog input signal 
frorn zero to full .scale. By connecting an X,Y plotter at the same terminals 

ifference ^^ showQ in Fig. 4.6 a hard copy can be made of differential and 
integral non-hnearity of the converter. The difference between every quanti-
zation level shows the differential non-Iinearity. The deviation of X-^i//er 
from zero gives the integral non-hnearity. All steps axe verified with this 
measurement. In Fig. 4.7 a measurement result of such a test is shown. 
These measurements can be performed over a large temperature range and 
with varying supply voltages. In this way the temperature variations of Un-
earity and supply voltage dependence on offset, full-scale value and linearity 
can be determined. 

•ence 

4.5 Dynamic testing of A / D converters 
I 

In Fig. 4.8 a test set-up for dynamic performance tests of A / D converters is 
shown. When dynamic tests are performed a sample-and-hold aniplifier must 
in most cases be added to the input circuitry of the A / D converter to sample 
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Figure 4.8 : Dynamic test set-up for A/D converters 

[!.; 

the analog input signal. This sample-and-hold amplifier must have a much 
better performance than the A / D converter to be tested. The sample-and-
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hold amplifier samples the input signal and keeps this signal constant during 
the time the A / D conversion takes place. At the input of the test set-up a 
low-distortion sine wave source is applied. Moreover a low-pass input filter 
is used to filter out possible high-frequency interference and noise signals 
which may be present on the output signal of the sinewave generator. Digital 
data can be analyzed using a specially built digital distortion analyzer. If 
such an instrument is not available, then a high-accuracy D / A converter 
can be used to couvert the digital da ta into analog signals again. This 
analog signal is filtered by the reconstruction filter and then analyzed using 
a distortion analyzer. In most cases distortion analyzers have a monitor 
output showing the error signal after the fundamental has been removed. 
This monitor signal can be analyzed with a spectrum analyzer to obtain 
information about harmonies and glitches. On the other hand, the converted 
digital signals can be analyzed by using a fast Fourier transform. In such 
a case enough samples must be taken to obtain accurate information about 
the signal to be analyzed. Furthermore, the fimited number of samples 
which can be analyzed calls for a completely random choice of input signal 
frequency with respect to the samphng frequency. To minimize the problems 
with "leakage" in the Fast Fourier Transform a window function can be 
applied. It is important to let the ratio between sampling frequency and 
input frequency be a prime number. In that case the quantization errors 
are randomized so a correct measurement and interpretation of the results 
is possible. Signal-to-noise measurements as a function of frequency and 
amplitude must be performed to characterize the A / D converter. 

86 

4 . 5 . 1 C o n v e r s i o n s p e e d 

The conversion speed of an A / D converter can be measured by varying the 
conversion time of the converter and keeping the sampling time and input 
signal conditions constant. Particulaxly at high input signal frequencies the 
measurement is sensitive to conversion speed variations because of [.ne small 
amount of samples per period of input signal. Additional quantization er
rors introduced by the A /D converter reduce the signal-to-noïse ratio, while 
mixing of the input signal with the sampling frequency can also result in 
non-harmonic distortion. In Fig. 4.9 the result of such a measurement is 
shown. When a long conversion time is used the ^optimum signal-to-noise 
ratio of such a systena is found. 

A definition of the minimum conversion time of an A / D converter can be 
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Figure 4.9 : Conversion speed measurement resu U 

specified as: the minimum conversion time for which the signal-to-noise ratio 

is reduced by 1 dB compared to the optimum long conversion time value. 

A 1 dB signal-to-noise reduction is not seen as a disturbing loss. This spec-
ification introduces a clear definition of the minimum conversion time of a 

converter. 

4.6 A/D 

Testing very high-speed A / D converters is a diff'erent subject. A digital dis
tortion analyzer is difficult to build because of the high sampling rates of 
these converters. As a result, an A / D -D/A converter loop is the preferred 
test environment. The test configuration and the test boards which contain 
the different system elements must be optimized for the best dynamic per
formance. The influence of small changes in the test board (e.g. wiring) 
can immcdiateiy be analyzed with a spectrum analyzer and an oscilloscope. 
However, D / A converters which show the required hnearity and low glitch 
error at these speeds are difficult to obtain. Both A / D and D / A converters 
usually operate at the limit of a technology used to build the devices. Sub-
sampling of output signals of the A / D converter is therefore applied. At the 
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lower subsampling rates D/A converters with a much better linearity and 
glitch error specification are available. In this manner the question about 
errors introduced by the D/A converter can be postponed. In Fig. 4.10 a 
test set-up using a subsampling technique is shown. Prom figure 4.10 it can 
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Figure 4.10 ; Very high-speed A/D converter test set-up using subsampling 

be seen that the output samples of the A / D converter are reduced by a fac
tor A'̂  before they are applied to the D / A converter. The maximum amount 
of reduction in samples Â  depends on the speed of the D / A converter used 
in the test set-up. Moreover, during measurements the subsampling rate N 
can be optimizcd to get the best performance of the D/A converter over a 
large sampling frequency range. 

Subsampling of signals is allowed but the signals, quantization errors and 
distortion are folded back into the baseband. It is already known that a 
reduction in sampling rate by a factor N increases the quantization noise 
folded back into the baseband by a factor equal to yN. At the same time 
the measurement bandwidth is reduced by a factor A .̂ As a result of this 
operation the signal-to-noise ratio of the system does not change. In Fig. 
4.11 the subsami:3ling operation is shown. In 4.11 the subsampling operation 
with a four times subsampling factor is shown. Subsampling with a factor 
two results in a "mirroring" of frequencies between 3^ fa and 4/^ around the 
subsampling frequency 2/s into the baseband from zero to ^ f3. Identical 
operations are obtained for subsampling with a factor two at fa and ^ fa 
respectively. As a result of this operation the quantization noise density is 
increased by a factor four as long as no filtering operation is performed be
fore the subsamphng takes place. Higher subsampling rates than two can be 
successfully applied to an A / D - D /A system to obtain accurate Information 
about distortion and signal-to-noise ratio. The D / A converter in such a sys-
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Figure 4.11 : Subsampling in converter systems 

tem can be repeatedly used over the same samphng frequency by changing 

the subsampling factor Â  depending on the samphng frequency range of the 

A/D converter. 

4.7 Beat frequency test configuration 

A quick method to obtain information about the high-frequency performance 
of a converter can be obtained when the input frecpency and the sample 
frequency differ only by a small amount. A low-frequency beat frequency 
is obtained. This beat frequency signal can be analyzed. The distortion of 
the beat frequency can be measured and the result is an indication of the 
linearity and missing code performance of the system at these frequencies. 
Note that in this test condition the sample frequency cannot be much higher 
than the maximun:i analog input frequency. In this case a D / A converter 
with good specifications over the total analog input signal bandwidth is 
required. Glitches must be snaall compared to the LSB bit value to avoid 
measurement errors. 
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4,8 Testing of sample-and-hold amplifiers 

In Fig. 4.12 a test set-up for measuring the performance of a sample-and-
hold amplifier is shown. A floating digital voltmeter is used to mea^uie the 

R 1 R 2 
+ < I 

- - [ 
I • 

É i 
* • 

« I 

h -
I 
I 
I 
I 

^ T " " ^ 1 T'^ ' 

Digital 

Volt Meter 

Puls e 

Gener. 

Figure 4.12 ; Test set-up for measuring S/H amplifiers 

difFerence between input and output signal of the saxaple-and-hold amplifier 
if the circuit performs a non-iuverting transfer operation. 
When an inverting sample-and-hold ampUfier is tested, the configuration 
shown in dashed lines can be used. In this way a more accurate testing of the 
linearity is possible by connecting the digital voltmeter at the interconnection 
of the résisters Ri and R2 and the signal reference (not shown in the figure). 

4 . 8 . 1 T e s t i n g D C c h a r a c t e r i s t i c s 

During the track mode DC offset and non-linearity can be measured. If an 
inverting type of sample-and-hold is tested, then the resistor bridge may be 
used to measure non-linearity, In a non-inverting system a floating mea-
surement instrument must be used to measure the diflference between in
put and output signal as a function of the input signal. Information about 
non-linearity is obtaiued in this way. The "track-to-hold step" of a sample-
and-hold amplifier is measured by monitoring the difFerence between the DC 
input signal during the track mode and the signal during the hold mode. The 
temperature dependence of all these parameters is obtained by performing 
the above-defincd measurements at different temperatures. 
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4.8.2 D y n a i i i i c m e a s u r e m e n t s 

In V'ig- 4.13 a dynaniic performance test set-up is shown. The acquisi-
tion time of a sample-and-hold amplifier is the time needed to switch from 
the hold mode into a fuU-accuracy following (tracking) of the analog input 
signal. The acquisitiun time of the system is measured by varying, at a 
fixed sampling froquency, the track-and-hold time. A small acquisition time 
is a mecLSure of the performance of a sample-and-hold amplifier. It deter-
mines the maximum sample frequency of the Stmiple-and-hold amphfier. The 
signal-to-noise ratio of a system is measured as a function of the acquisition 
time. In Fig. 4.14 a test result is shown. 

The minimum acquisition time is determined at a point where the signal-to-

noise of the system is reducud by 1 dB with respect to a measurement value 

obtained with a large acquisition time. 

The aperture time of a sample-and-hold amplifier is the time difFerence be
tween the start of the hold conunand and the moment the output signal of 
the hold amjAifier is settled within the specified accuracy of the amplifier. 
The aperture or track to hold time is measured by varying the delay time Td 
between the hold command, applied to the sample-and-hold amplifier, and 
the start conversion command, applied to the A /D converter. 

During the track mode the distortion of the sample-and-hold amplifier is 

measured. This rneasvirement includes the distortion of the hold amplifier 

too. 
A very important parameter is the aperture uncertainty time of a sample-
and-hold amplifier. This aperture uncertainty determines the timing ac
curacy with which analog samples are taken. Especially at high analog 
input frequencies this parameter determines the performance of a system 
i.e. signal-to-noise ratio. This aperture uncertainty of a sample-and-hold 
amplifier is difficult to measure. With a large acquisition time the signal-to-
noise ratio of the total system is analyzed and rcsults close to the theoretical 
value must be obtained. If large differences occur, then the clock jitter has to 
be reduced ajid the clock gcneration circuits be improved. Without special 
measures it is not possible to analyze the sample-and-hold amplifier on itself. 
UsuaUy a "glitch" is generated when the system switches from track to hold 
mode. Therefore it is not possible to analyze the sampled analog signal at 
the output by simply filtering ofF the harmonies introduced by the sampling 
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Figure 4.13 : Dynamic test set-up for sample-and-hold amplifiers 
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Figure 4.14 : Acquisition time measurement result 

proccss by using a low-pass filter and analyzing the resulting signal with a 
distortion analyzer and a spectrum analyzer. 
The small signal bandwidth of the system must be measured to obtain infor-
mation about the noise bandwidth. Noise tests are performed by analyzing 
the output noise of the system during the track mode as a function of the DC 
input signal. The frequency spectrum of the output noise must be analyzed 
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up to very high frequencies to obtain Information about the foldback noise 
which is finally added to the sampled output signal. The measuring band
width is equal to the -3 dB small signal bandwidth of the sample-and-hold 
amplifier. Slew rate is included in the acquisition time specification and may 
be specified as an additional parameter. 

4.9 Conclusion 

In this chapter the measurement set-ups and some measurement results of 
the most important specifications of converters are shown. Many of the DC 
parameters are fairly easy to measure in contrast with the more difEcult to 
perform dynamic tests. Some results, however, depend on a conglomerate of 
parameters and are therefore measured as a total. In high-speed A/D con
verters subsampling is used to obtain a high measurement accuracy without 
using D/A converters operating at the speed limit of a technology. A quick 
test is done by using the beat frequency test between the sampling and input 
signals. This beat frequency signal can be analyzed using a distortion and 
a spectrum analyzer to obtain information about the distortion and signal-
to-noise ratio at these high frequencies. Aperturc-tiine and acquisition-time 
definitions for sample-and-hold amplifiers are introduced again together with 
specific measurement set-ups to perform these tests. 
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Chapter 5 

High-speed folding A / D 
converters 

5.1 Introduction 

The best-known architecture for a high-speed analog-to-digital converter is 
the flash converter structure. In this structure an array of comparators 
compares the input voltage with a set of increasing reference voltages. The 
comparator outputs represent the input signal in a digital thermometer code 
which can be easily converted into a Gray or binary output code. The flash 
architecture shows a good speed performance and can easily be implemented 
in an integrated circuit as a repetition of siinple comparator blocks and a 
ROM decoder structure. However, this architecture requires 2^-1 compara
tors to achieve an A '̂-bit resolution. The parallel structure makes it difflcult 
to obtain a high-resolution while maintaining at the same time a large band-
width, a low power consuniption and a small die area. Examples of parallel 
converters are given in references [17,18,19,20,21,22,23,24,25,26]. 
In this chapter folding architectiires will be described, which are capable of 
achieving a large analog bandwidth and high resolutions without incurring 
the power and area penalties associated with the flash architectures. (See 

references [27,28,29,30,5]). 
By using folding techniques an A/D converter can be designed in which each 
comparator detects the zero crossings of the input signal through a number 
of quantization levels, thus reducing the number of comparators required for 
a given resolution. The number of comparators is reduced by the number 
of times that the input signal is folded by the folding stages. However, each 

71 
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reference level requires a folding stage generating the folding signal. This 
folding signal is a combination of output signals from folding stages. By 
combining a nuniber of output signals from folding stages a repetitive folded 
signal is applied to the decision-making comparators. The folding factor, 
which determines the number of signals to be combined reduces at the same 
time the number of comparators. This leduction in comparators, however, 
is offset by the number of folding stages which are needed to obtain the reso-
lution of the converter. The number of folding stages can be further reduced 
by interpolating between outputs of folding stages to generate additional 
folding signals without the need for more folding stages. The interpolation 
stage in this way reduces the number of folding stages by the interpola
tion factor. The folding architecture results in a compact, low-power system 
with small signal and clock delays over the interconnection Hnes. Therefore 
a larger analog input bandwidth can be obtained than would be possible 
with a Standard flash converter. 

Up till now no real model has existed which describes the frequency limi-
tations of flash-type converter structures. A high-level model has been de-
veloped which describes the non-hnear behavior of ampliiier stages. This 
behavior results in a signal-dependent delay giving third-order distortion. 
Keeping in mind the clock timing accuracies needed in accordance with the 
converter speed, the third-order distortion term is thought to impose a basic 
speed hmitation on flash conveiters. This model is used to optimjze the 
analog bandwidth of the converter with respect to the technology used. 

5.2 Design problems in high-speed converters 

There are two main problems that impair the dynamic performance of high-
speed A / D converters: timing inaccuracies and distortion. 

5 . 2 . 1 T i m i n g errors , 

In most A /D converters there are three main sources of timing errors: 

1) jitter and rise and/or fall time of the sampling clock; 

2) skew of the clock and input signal at different places on the chip; and 
3) signal-dependent delay. , 

The sampling clock jitter can originate both inside and outside the A / D con
verter. The outside samphng clock must be designed to have a very small 

short-term jitter. Internally, a small rise or fall time of the sampling clock 
avoids jitter caused by white noise of the clock ainplifier circuits. Further-
more, crosstalk from other circuits must be minimized to avoid modulation 
of the sampling clock. The skew between the clock and the analog signal 
iiitroduces timing errors into the same signal at different places on the die. 
The clock signal at the top comparator stage, for example, may be slightly 
out of phase with the clock signal at the middle comparator. This difference 
in time causes a quantization error which results in non-linear distortion. 
As an example, in about 12 ps a signal can travel only 1.8 m m over a die 
at the speed of light (which is lower on a die because of the high dielectric 
constant of the oxide layers). Therefore the sampling clock lines and the 
signal lines in the converter must be laid out very carefully, K the paths of 
clock and signal lines include different processing circuits then the delays of 
these processing elemcnts have to match within a fraction of the requlred 

timing accuracy. 
Finally, many circuits introducé a signal-dependent delay. For example, 
each amplitude-hmiting circuit foliowed by a bandwidth-limiting circuit in-
troduces a delay which is slope-dependent. These circuits are invariably 
found in input and comparator stages of high-speed A / D converters. A be-
haviour model is developed which can be used for optimization of the analog 
bandwidth of A / D converters. 

5,2 .2 D i s t o r t i o n 

Distortion of the quantized signal can be caused by: 

1) large aperture time of the sampling comparators; 
2) distortion in the linear part of the input amplifier and comparator input 

circuits; and 
3) changes in the reference voltage values. 

A large comparator aperture time may be caused by the architecture of the 
comparator or by a large rise or fall time of the sampling clock. Such a 
large aperture time results in high-frequency sanaphng errors and causes an 

averaging eft'ect in the time domain. 
Non-linear distortion in the input amplifier and the comparator input cir
cuits introduces harmonies and mixing products of the input signal. These 
harmonies may give aliasing products in the baseband due to mixing of these 
components with the sample frequency. 

ÏU 
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Most high-speed A/D converters require a large number of reference voltages 
which are normally generated by a resistive divider and a reference source. 
Errors in these reference voltages introducé a non-linear distortion equiv
alent to a non-linear distortion in the input amplifier. Comparator offset 
voltages must be small with respect to the reference voltage steps to ob
tain a nonlinearity which is only dependent on the accuracy of the resistive 
divider. An additional problem, especially in converters with a large band-
width, is the Idckback from the comparator stages (clock feedthrough) on 
the reference voltages. During sampling of the input signal the reference 
voltage temporarily deviates from the nomlnal value, resulting in additional 
quantization errors. Timing and distortion problems are common to all A/D 
converter architectures with a large analog bandwidth. However, the follow-
ing sections will show that these problems can be minimized more easily in 
folding architectures than in full-flash or two-step converters. 

5.3 FuU-flash converters 

In an A'̂ -bit flash A/D converter, 2 ^ -1 reference voltages and comparator 
stages are used to convert the analog input signal into a thermometer-like 
digital output code Fig. 5.1. This code is converted into a binary output code 
using a ROM structure. In today's technologies, 8-bit converters having a 
reasonable die size and consuming moderate power are available. Increasing 
the resolution to 10 bits increases the die size and power dissipation roughly 
four times. In practice, however, there is a hmit to the power dissipation 
which can be handled by packages. Therefore the power per comparator 
stage must be drastically reduced to keep the overall power dissipation at 
the same level as the 8-bit unit. As a result, the bandwidth of the compara-
tors has to be reduced, resulting in a much lower effective analog bandwidth 
for the converter. The bandwidth of a system is mostly related to biasing 
current, which in turn results in power dissipation. Because of the increase 
in size, it is more difficult to distribute clock and input signal lines with
out introducing delay-induced errors exceeding ± ^ LSB, and to match the 
properties of all these comparators within the samie specification. The input 
capacitance of the system increases linearly with the number of compara
tors, making it impractical to incorporate an input signal buffer on the chip. 
Even external buff'ers are difEcult to design and need a large power-driving 
capability at high frequencies. The large number of comparators results in 
a heavy loading of the clock driving circuits. Small rise and faU times of the 

5.4. TWO-STEP FLASH CONVERTERS 75 

Vin ^ ^0 j n 
comporafor ^ 

jr 

comparator Q 

comparator Q 

comparator Q 

12 

comparator Q 

encoder 

bit 
O 
1 

2 
3 

c: 

comporafor Q 

comparator Q 

Figure 5.1 ; Full-flash A/D converter structure 

clock signals are difficult to obtain and therefore external clock drivers are 

often required. 

5,4 Two-step flash converters 

To avoid some of the problems encountered with a full-üash converter the 
two-step architecture was developed. This two step method uses a coarse and 
fine quantization to increase the resolution of the converter (see Fig. 5.2). 
Examples of converters using the two-step architecture are given in refer-
ences [31,32,33,34,35]. Consider, for example, an 8-bit system that uses a 
3-bit coarse quantization. After the coarse quantization has been performed, 
the 3-bit result is converted into an analog value again using a 3-bit D /A 
converter. This analog value is subtracted from the input signal and the dif-
ference is applied to a 5-bit fine converter which generates the fine code. In 
this system only 40 comparators are needed to achieve 8-bit resolution. The 
3-bit D/A converter, however, needs to have an 8-bit accuracy and linearity 
to obtain the full 8-bit overall linearity. Furthermore, a sample-and-hold 
amplifier is needed to compensate for the time delay in the coarse quantiza
tion/ reconstruction step. In this way the dynamic perforn:iance of the A /D 
converter is mostly determined by the performance of the sample-and-hold 
amplifier. In some applications a second sample-and-hold amplifier is used 
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Figure 5.2 : Two-step A/D converter structure 

to store the analog remainder of the input signal for fine quantization. In 
the meantime a new input sample is coarse-quantized. This architecture 
results in a higher throughput rate for the total system. Higher resolutions 
can easily be obtaincd without a drastic increase in hardware and power dis-
sipation. The popularity of this converter type depends on the availabiUty 
of high-performance sample-and-hold amplifiers. Unfortunately, in bipolar 
technologies it is difficult to design sample-and-hold ampHfiers which meet 
the requirements. 

5,5 Folding A / D converters 

In a folding architecture, analog preprocessing is used to transform the in
put signal into a repetitive triangular-shaped output signal. (see Fig.5.3) In 

coarse quantization 

1 f afding 
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flash ADC 
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\ 
\ 
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fine quantization 

Figure 5.3 : Folding A/D converter architect ure 

this system the most significant bits are determined by the coarse quantizer, 
which determines the number of times a signal is folded. The fine bits are 
determined by the fine quantizer which converts the preprocessed "folded" 
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signal into the fine code. In this way it is possible to obtain an 8-bit res-
olution with only 30 comparators without the need for a sample-and- hold 
amplifier. The basic idea behind the "folding" system is to make multiple 
use of the same components (e.g. comparators). The low component count 
results in a small die area, while more power can be expended into the sys
tem to obtain a larger bandwidth in the comparator and folding stages. One 
drawback, however, is the higher repetition rate of the folded input signals 
which can result in rounding-off of the tips of the folded signal. This round-
ing problem can result in a loss of resolution at the high-frequency end of the 
input spectrum when amplitude quantization is used in the conversion pro-
cess. The moment a sample-and-hold amplifier is added to the system, the 
rounding problem is eliminated and the only speed limitation is the settling 
time of the system. 

5.6 Current-folding A / D converter system 

The basic circuit of a 2-bit quantizer-subtractor circuit using reference cur-
rents is shown in Fig. 5.4. The most important parts are the reference 
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Figure 5.4 : Current-foldlng 2-bit A/D converter structure 

current sources 7, the common-base traasistor stages Ti, T2, T3 and T4 and 
the diodes Dl , D2 and D3. The input signal current Un is compared with 

I I • 



78 CHAPTER 5. HIGH-SPEED FOLDING A/D CONVERTERS 

the four reference currents / . The collectors of the odd-numibered transis
tors of the common-base stages T^, T3 are connected and so are the even 
numbered transistors T2 and T4. If the input current I-in is equal to zero, 
then through all conunon-base transistors currents I will üow. This results 
in currents 21 fiowing through each of the resistors Ri and 7?2- With equal-
valued resistors, the differential output voltage Vput wiU be zero. If an input 
signal current Iin is applied, e.g. 1^ / , then this current is subtracted from 
the reference current fiowing through Ti. The difference in current, being 
^ / , will forward-bias the diode Di and will be subtracted from the refer
ence current I fiowing through T2. As a rcsult the current through i?i is 
reduced to I and the current through R2 is reduced to 1^ / . In Fig. 5.5 
the operation of the circuit with a triangular input current changes from 
O to il as a function of time. To make is easier to understand the circuit 
operation a trangular-shaped input current is used as shown in the illus-
trations. The result of the operation is an output signal with a frequency 

t 

>t 

Figure 5.5 : Input and output signal as a function of time 

which is a multiple of the input frequency. In this particular case the out
put frequency is four times higher than the input frequency. Moreover, the 
output amplitude is reduced from O to 4 / into O to / . The output signal of 
the circuit can be apphed to a foUowmg quantizer which may consist of a 
flash A / D converter. The digital output signals of the coarse quantizer are 
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determined by the conduction or non-conduction of the coupling diodes D i , 
D2 or -^3- The voltage excursion at the input of the circuit is equal to the 
voltage across the number of conducting diodes. In the example given in 
Fig. 5.4 the maximum voltage excursion will be between zero and 3Vj9 plus 
the voltage across the overload clamp diode VOA- When for an increasing 
resolution of this system the number of reference sources is increased, the 
voltage excursion at the input increases and nnay exceed the maximum re
verse bias of the base-emitter voltage of the transistors. This is not allowed 
because at that moment the transistor will deteriorate. To overcome this 
problem, more quantizer circuits can be connected in parallel to interpolate 
additional levels within one diode voltage. The diode switching quantizes 
the input signal with a very high accuracy. The overall conversion linearity 
is thus determined by the accuracy of the reference current sources I. 

5.6 .1 P a r a l l e l c o n n e c t i o n of q u a n t i z e r s 

The parallel connection of two coarse quantizers of the type shown in Fig. 
5.4 which interpolate within one diode voltage is shown in Fig. 5.6. Diode 
D7 and the voltage sources Vi and V2 are added for this purpose. The voltage 
difference between Vx and V2 is equal to \Vi}- As a result voltage Vi must 
be adjusted in such a way that V2 = ^1 + 2^D- The parallel connection of 
the second coarse quantizer also eases the interconnection of the odd or even 
numbered collectors as shown in Fig. 5.4. As can be seen from figure 5.6, 
collectors T^, T2, T3 and T̂ j are connected to resistor J?x- The same operation 
is performed with the collectors of T5, Tg, T^ and Ts which are connected 
to resistor R2. The differential output voltage between resistors Ri and R2 
show again a triangular form. This can be explained by supposing that 
the input current lin increases from O to 8 / . At first the current I fiowing 
through Tl is subtracted. Then diode D7 starts conducting and the current 
through T& is subtracted from the input current. The voltage difference 
between Vi and V2 which was equal to half a diode voltage performs the 
switching in conduction of diodes from one coarse quantizer to the ether 
and vice versa. Diodes Dy, D4, D2, D5, D3, DQ and Dg will become active 
alternately. In this way the eight quantization levels are tripped by the input 
signal, and the maximum input voltage span is equal to four diode voltage 
levels. The digital signals are detected by the level detectors I^i to Idj which 
are activated by the forward bia^ voltages of the conducting diodes Di-Di. 
The output signals of the level detectors are fed to an encoder circuit which 
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Figure 5.6 : 3-bit coarse quantizer configuration with digital signal encoding 

converts the seven input signals into a 3-bit binary output code. This output 
code is latched to give a digital output signal. 

5.6 .2 F i n e quant i zer c ircuit 

The couphng of the coarse quantizer with a 4-bit fine quantizer is shown in 
Fig. 5.7. In the fine quantizer system a flash type A/D converter structure is 
used. The fine encoder is driven via emitter followers to avoid loading of the 
coarse system by the large amount of differential amphers. The differential 
amplifier stages are used as comparator stages. The output of these stages is 
encoded and converted into a 4-bit binary code. This binary code is latched 
in four latches to give the digital output code of the circuit. The small 
delay in the coarse quantizer, which is determined solely by the switching 
on and off of the diodes and the common-base transistors, allows digital 
sampling of the input signal by latching comparators. Furthermore, this 
circuit configuration processes the analog input signal independently of the 
sampling frequency. There is therefore no coupling between the maximum 
analog input frequency and the maximum sampling frequency which can 
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Figure 5.7 : 4-bit fine quantizer system 

be used. Usually a much higher sampling frequency can be used without 
aft'ecting the accuracy of the system. As is known, oversampling increases 
the resolution of a system without needing additional comparators or other 
circuitry. Note also that the differential fine comparator stages reject the 
common mode signal part which is present on the voltage across Ri and R2. 

5.6.3 F i n e e n c o d e r - l a t c h c ircui t 

A detail of the fine encoder-latch circuit is shown in Fig. 5.8. To minimize 
the amount of comparator latches the encoding of the signal into a binary 
code is first performed. From Fig. 5.8 it can be seen that the differential 
comparator- amplifier stages are cross-coupled and connected to the input 
of a master-slave flip-flop, which operates as a sensitive comparator stage. 
When four stages are cross-coupled, then Information about the zero crossing 
of one differential stage is obtained as long as the other three stages are in 
the overdrive position. In this way the number of comparator stages can be 
reduced by a factor four. Note howcver, that due to the fact that the other 
three differential stages are overdriven, the bias currents of these amplifiers 
still üow through the collector resistors. As a result a much better matching 
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Figure 5.8 ; Detail of fine encoder-latch circuit 

of these currents I is needed, while an additional requirement is made for the 
L 

matching of the collector resistors to obtain an accurate level comparison. In 
the master flip-flop the decision is made when the clock signal becomes low. 
At that moment the latch becomes active and is very sensitive to differences 
in the input signal. The condition it starts from is a meta-stable condition 
with nearly equal currents flowing through the collector resistors (suppose a 
small difference must be detected in this example). After a logical signal is 
obtained in the master flip-flop, this Information is transferred to the slave 
flip-flop which stores the digital Information during the decision phase. 

5.6 .4 C o m p l e t e A / D conver ter 

Using the current folding architecture a 7-bit A /D converter IC has been 
designed. At low frequencies this system performs fairly weU. The simplicity 
of this system results in a small die size of 2.4 x 2.5 mm. A drawback of 
this system at high frequencies is the rounding of the folding signal. This 
rounding results in a loss of fine codes. Also the delay between the coarse 
and the flne quantizer decisions results in code errors at the momient when 
the most significant bits are changing. These code errors result in glitches 
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which are not allowed. In the next part of this chapter improved systems 
will be discussed which do not suffer from these drawbacks. 

5.7 Doublé folding system 

To avoid missing codes resulting from rounding of folding signals at high 
frequencies a doublé folding system has been developed. A block diagram 
of the doublé folding system is shown in Fig. 5.9. The system consists, for 
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Figure 5.9 : Block diagram of doublé folding system 

example, of a 3~bit coarse quantizer which determines the coarse bit and a 
folding system which generates two analog output signals with a 90-degree 
phase shift. The analog output signals from the folding circuit are applied to 
two 4-bit fine quantizers to determine the fine output code. The basic idea 
for using two fine quantizers with 90-degree phase shifted input signals is 
that at the moment the signal applied to, for example, fine quantizer 1 runs 
out of its lluear range, fine quantizer 2 will come into its Hnear range and vice 
versa. Furthermore, the connection of the folding signals to two 4-bit fine 
quantizers increctses the resolution to 5 bits. In this way a total resolution 
of 8 bits for this converter structure is obtained. The folding system reduces 
the number of input amplifiers which are connected to the input terminal 
in comparison with a fuU-flash construction. It is now possible to drive the 
input stages from an on-chip input amplifier/ buffer amplifier. The output 
signals of the coarse and fine quantizers are latched and appHed to an error 
correction circuit. In this circuit delays due to the different transit times 
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in the fine and coarse parts of the converter are eliminated. The delay-
error correction is based on the idea that the coarse quantizer determines 
which bit trausitions eau be erroneous. At that moment a correction is 
applied which depends on the code of the fine quantizer. The fine quantizer 
Information is accurate to the least significant bit and therefore the exact 
coarse code transition can be determined. In Fig. 5.10 the output waveforms 
of the folding circuit are shown. The figure shows that when output 1 is in 
the linear transfer range, output 2 is in the non-linear range. When these 
waveforms are compared with the single folding system, the coarse bit should 
be determined at the tips of the first folding signal. In this doublé folding 
system these "tips" coincide exactly with the zero crossing of output signal 
2. 

f V,n 

t 

t 

Figure 5.10 : Output waveforms of the doublé folding circuit 

5 . 7 . 1 P r a c t i c a l d o u b l é f o l d i n g c i r c u i t 

A simplified circuit diagram of the doublé folding system is shown in Fig. 
5.11. The "phase"shift between the two analog output signals of the folding 
circuit is obtained by connecting one folding processor to a shifted reference 
voltage with respect to the other folding processor. In practice this shifting 
is obtained by connecting the input difFerential amplifiers of the first analog 
processor to resistor taps which are in between the resistor taps to which 
the second analog processor is connected. The collectors of the difFerential 
amplifiers in the first or the second processor are cross-coupled to obtain a 

5,7. DOUBLÉ FOLDING SYSTEM 85 

Figure 5.11 : Practical doublé folding circuit arrangement 

repetitive output signal. This output signal depends only on the switching 
of one difFerential amplifier pair. All other pairs are overdriven so no inter-
action on the output signal is obtained. One drawback of this connection 
of differential amplifier pairs is the large bias currents which fiow through 
the collector resistors. These bias currents can cause extra ofFsets should the 
matching of the tail currents of the difFerential amplifiers or the matching 
of the resistors not be good enough. Therefore, the number of difFerential 
amplifier pairs which can be combined in this way is limited. The two fine 
quantizer systems are fuUy diff'ercntial. To avoid an extreme loading of the 
doublé folding system by the two fine quantizer stages emitter foUowers are 

added. 

5.7 .2 F i n e q u a n t i z e r s t a g e s 

The rounding of the folding signals which are applied to the two fine quan
tizer systems does not result in an increase in the number of comparators 
in these systems. In Fig. 5.12 the quantization of the non-lmear output 
signal at one of the outputs of the folding circuit is shown. Suppose an ideal 
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Figure 5.12 : Fine quantization of a non-Hnear folding signal 

triangular signal is generated by an ideal folding circuit. In this case 2n fine 
comparator cells are needed for quantization of the signal. Now apply the 
non-liuear folding signal to the same fine comparator system. Due to the 
rounding of the signal a reduction in the useful linear range of the system 
is obtained. In practica this means that the number of effective compara
tor cells is reduced. At the point when the two non-Unear folding signals 
are each other's complement, for each fine quantizer system the number of 
effective comparators is reduced by a factor two. This results in n effective 
comparators cells per branch. The n /2 units at the top and bot tom shown 
in the figure can be deleted because they do not add significant Information 
to the system. As a result in the two fine quantizer systems a total of 2n 
comparators are needed to quantize the two folding signals. No difference in 
the number of comparators between an ideal folding system and the doublé 
folding system is found. 

5.7 .3 D e l a y - e r r o r c o r r e c t i o n 

In Fig. 5.13 the two fine quantizer input signals are shown. In the top part 
of Fig. 5.13 the switching of the coarse bits is shown. The dashed boxes 
show the maximum switching time uncertainty which can be corrected by 
the delay-time correction system. The exact switching of the coarse bits 
must coincide with the switching of the middle comparator of the second 
fine comparator array. DifFerences in switching moments occur because the 
folding signal and the coarse quantizing signal pass through different ampli-
fier stages. These delays can introducé erroneous output codes which, is not 
allowed. A system whose basic operation is shown in Fig. 5.13 overcomes 
this problem. In principle, the two fine quantizers contain all the important 
Information needed for the delay correction. The only additional Information 
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Figure 5.13 : Two fine quantizer input signals 

which is required is the coarse region in which the fine quantization occurs. 
This Information is determined by the coarse quantizer, but the exact mo
ment of transition of the coarse bit is not transferred to the output as digital 
data. A logic selection circuit now determines the weak code combinations. 
Those MSB bits which have to be corrected are in turn determined. A cor
rection is obtained by inserting the zero crossing Information of the second 
fine quantizer as shown in Fig. 5.13 instead of the coarse code Information. 
An exact and corrected output code is now obtained. In the figure the sec
ond fine quantizer is denoted as "fiash-B". A time correction equal to plus 
or minus half the coarse region can be obtained. 

5.7 .4 C o m p l e t e d o u b l é fo ld ing A / D c o n v e r t e r 

On a 3x4.2 mm chip area an 8-bit A/D converter has been implemented using 
a Standard bipolar process having doublé metal interconnections. The per
formance obtained is shown in Table I. The chip contains an input amplifier 
and digital output buffers. 

5.8 Folding and interpolation systems 

One drawback of the doublé folding converter system is the accurate match-
ing between the coarse and fine quantizers which is needed to avoid missmg 
codes The two fine quantizers also have a matching requirement at high 

I 
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Resolution 
Maximum analog input freq. 
Input voltage range 
Maximum clock frequency 
Digital output signals 
Supply voltage 
Supply current 
Chip size 
Differential phase 
Differential gain 
(No external sample-and-hold circuit required.) 

8 bits 
6 MHz 

lOÜfiz 
ECL compatible 
5.2 V 
100 mA 
3 x 4 . 2 mm^ 
0.5 degree 
1.5% 

Figure 5.14 : Converter data 

frequencies. This problem is introduced by the rounding of the folding sig
nals at high frequencies. At that moment the rounded signal undergoes an 
amplitude-limiting action because of the limited practical bandwidth of a 
system. 
The problems caused by the rounding of the triangular waveform at higher 
frequencies eau be avoided by uot quantizing these waveforms in amplitude. 
In that case several folding signals with suitable offsets are required to en-
sure that there is always at least one folding signal that is close to its zero 
crossing. Each folding signal has to be generated by its own folding circuit. 
This results in the same number of folding amplifiers as the number of levels 
which must be compared. Should an 8-bit circuit be designed, 255 folding 
amplifiers are needed. No diff'erence between a fuD-fiash system and this 
folding system is found concerning input capacitance of the circuit. An im
portant difference of this architecture with respect to the previously given 
folding Systems is that only the zero crossings of the folding signals are used 
to determine the value of the least significant bits. This has the advantage 
that the results no longer depend on the shape of the folding signals. There 
is therefore no need to create an exactly linear triangular folding signal, 
even at low frequencies. The folding signals actually used in this converter 
do not resemble triangular signals at all except for a small, almost linear, 
region around the zero crossings. AIso, the use of zero crossings eliminates 
the need for accurate handfing of the input signals through the analog input 
folding svstem. Purthermore. the innut ra.npp nf thp finp-fla-c;>i mrwrf^ri-e^ra 
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does not need to match accurately the range of the folding signals. The 
folding principle is used in this system to obtain a multiple of zero crossings 
which can bc detected by a single comparator per folding signal. In this way 

a reduction in hardware is obtained. 
As already mentioned, the number of folding amplifiers is equal to the num
ber of reference levels which must be compared with and thus the advantages 
of the folding architecture seem to be limited. However, this problem. can 
be solved by creating only a small number of folding signals, and deriving 
the other folding signals by resistive interpolation between the outputs of 
two adjacent signals. In this case, the 32 folding signals necessary for the 
five least significant bits are derived from a four times interpolation between 
eight output signals of the folding encoder. An extension of this interpo
lation system to 10 or 12 bits by increasing the number of times the input 
signal is foldcd, the number of folding circuits, and/or the number of inter-
polated folding signals versus folding circuits, is relatively straightforward. 
This makes this architecture very suitable for high-resolution converters that 
require a large analog bandwidth. In practice, a maximum of eight times 
interpolation can be used to increase the resolution. The repctition rate with 
which the comparators need to detect zero crossings increases, but the time 
accuracy to perform a zero comparison remains the same as in a full-fiash 

converter. 

5.8.1 Folding and interpolation system description 

In Fig. 5.15 a block diagram of the complete A/D converter system is shown. 
The input signal is applied to the buffer ampüfier which drives the folding 
stages and includes the level-shift stage. The input signal amplitude in this 
case is from O to -1 V. A reference current source generatcs across a resistive 
ladder the required reference voltage levels which are applied to the folding 
circuit block. lu the folding block multiple amplifier/comparator stages gen-
erate multiple zero crossings which are applied to the folding encoder. This 
folding encoder is an analog ROM-like structure which combines a number 
of zero crossings into a repetitive folding signal. At the same time, signals 
are combined to obtain Information about the most significant bits. This 
operation is pcrformed in the MSB encoder part of the system. 
The folding encoder output signals are applied to the interpolation circuit 
which generates, in this particular application, three additional folding sig
nals for each output of the folding encoder. A four times interpolation is 
obtained in this way, The output signals of the interpolation circuit are 
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applied to comparator stages which, on the command of the sampling clock, 
determine the position of their respective input signals with respect to zero. 
A circular thermometer-hke output code is obtained (see Fig. 5.16). This 
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C O D E REPRESENTATION OF 

THE NUMBERS 0 - 7 

Thermo me te: 

0 0 0 0 0 0 0 
0 0 0 0 0 0 1 
0 0 0 0 0 1 1 
0 0 0 0 111 
0 0 0 1111 
0 0 11111 
0 1 1 1 1 1 1 
1 1 1 1 1 1 1 

Circular 

0 0 0 0 
0 0 0 1 
0 0 1 1 

1 1 0 0 
1 0 0 0 

Figure 5.16 : Thermometer and circular code representation 
I 

circular output code is converted into a binary form using a binary encoder 
ROM structure. The outputs of this ROM encoder are the least significant 
bits of the converter. Information from the circular fine code is used in the 
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error correction block to correct for inconsistencies (e.g. caused by differ
ent delays between the coarse and fine zero crossing/encoding/comparison 
blocks) in the most significant bits before they are applied to the set/reset 
üip-üop blocks "which drive the ECL output buffers. At the same time, from 
the folding encoder, overflow and underflow Information is used to set the 
output signals to ZERO when the underflow bit is tripped, or to ONE when 
the overflow bit is activated. This Information overrides the Information 
available in the fine code when overflow or underflow is activated. Using 
this system avoids large code transitions when the converter is overdriven. 
An accurate clipping at zero and full scaie is also obtained. 
The clock driver supplies the sampling clock to the different points in the 
system and does not increase the timing uncertainty. The gain in the clock 
driver speeds up the clock and makes the system less dependent on noise. 

5.8.2 F o l d i n g c i r c u i t s 

In the folding block the input signal is compared with 64 reference voltage 
levels. This folding sj^stem consists of eight blocks, each with eight folding 
amplifier stages, forming in this way the 64 level comparison circuits. Each 
amplifier stage is responsible for the generation of one period of a folding 

signal. 
When, for example, 128 reference voltages are used, a folding scheme con-
sisting of eight blocks, each with 16 folding ampUfier stages, can be used to 
increase the resolution of the system to 9 bits. With an eight times interpo-
lation used after the folding encoder, a 10-bit converter is feasible. 
In Fig. 5.17 an example of three coupled folding an:iplifier stages is shown. 
The differential pairs Q1/Q21 QS/QA, ao-d QS/QG compare the input voltage 
with the reference signals V^i, Vr2i and V^3. in addition, the collector of 
Q2 is cross coupled with the collector of Q3. The same is true for Q4 and 
Qs- Cascode stages Q7-Q9 are added to minimize the parasitic substrate 
capacitance and to maintain an equal collector-bas e voltage for all cascode 
stages in the folding amplifiers. The capacitaaces in the collectors of Q7-Q9 
remain more constant and vary identically over the different stages. 
The basic function performed by the folding block is the conversion of an 
mcreasing (or decreasing) input signal into a number of bell-shaped output 
signals Vouti, youi2^ and VouiZ, which have different Vin ofFsets. Adjacent 
output signals are complement ar y near their zero crossings, which results in 
a full differential operation of the system. This can be explained as follows. 
Suppose the input signal increases from a level below V^i, with VJ-i being 
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Figure 5.17 ; Folding araplifier circuit 

in 

the smallest and Vrz being the largest value of the three reference voltages. 
The difFerential tail currents supplied by Qu, Qis, and (Jig flow through 
transistors Q21 Q45 and QQ, respectively. As a result Vouti is high and Vout2 
and Voui3 are low. When the input voltage reaches Vri, the current through 
Q2 and therefore through Qs decreases, and the current through Qi and 
Qj increases, in such a way that Vo^a and Kui2 show a differential output 
voltage change equivalent to the complementary output voltage variation of 
a differential pair. The same situation is found for Vout2 and Vout3 when the 
input voltage equals K-2- The bell-shaped output signals which are finally 
found at the output terminals differ in time by the length of time the input 
signal needs to change from V î to K-2 to 1^3. 

The operation of the circuit is valid as long as no interaction exists between 
the coupled differential pairs due to large differences between the reference 
voltage sources K i , V^2, and Vrs- It can be shown that differences of 120-
150 mV between the reference voltage levels give some interaction but do 
not influence the operation of the folding stages in a negative way. 
Comparison of the input signal level with the reference level is still performed 
by a single differential pair, giving a possible system implementation with 
low offset voltages. From the folding amphfier stages 64 output signal lines 
are supplied to the folding encoder circuit. 

5.8. FOLDING AND INTERPOLATION SYSTEMS 93 

5.8 .3 F o l d i n g e n c o d e r c i r c u i t 

The folding encoder circuit combines the 64 signals from the folding ampH-
fiers into eight complementary output signals. Each folding signal consists of 
two complementary signals, and one such signal is created by concatenating 
the outputs of, for example, the odd stages in a row of folding stages. In 
Fig. 5.17 this would be Vouti: l^oun, ^ouis, etc. The complementary signal is 
created by concatenation of Vout2^ ̂ OUUJ ^ouWi ^tc. Other folding signals are 
generated by similar rows of folding stages, but with slightly different Vj. to 
create an offset between the folding signals. This is achieved by interleaving 
the connections of the Vr on the resistive divider: folding stage 1 for folding 
signal 1 is connected to tap 1, folding stage 1 for folding signal 2 is connected 
to tap 2, folding stage 1 for folding signal 3 is connected to tap 3, and so 
on. In case of eight folding signals, folding stage 2 of folding signal 1 is then 
connected to tap 9. In order to avoid confusion, folding stages are numbered 
according to their connections to the reference voltage ladder. Folding stage 
1 and folding stage 17 therefore generate subsequent periods of the same 

folding signal. 
The lower part of Fig. 5.18 shows the combinatorial circuit which combines 
the outputs of the different folding stages into folding signals. The input and 
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Figure 5.18 : Folding encoder circuit diagram 



94 VE. 

output waveforms associated with this circuit are shown in Fig. 5.19. Here 
the individual outputs of folding amplifiers i, z+16, and z+32 are shown in 
the top part. The lower part of the figure shows the combined output signal 
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Figure 5.19 : Input and output signals of the folding encoder 

which is a concatenatiou of the bell-shaped signals. 
Returning to the top part of Fig. 5.18 we see that the MSB and MSB-1 
signals can also be generated by a proper combination of the folding ampli-
fier outputs. Up until half the reference voltage the not-MSB signal is kept 
high and the MSB signal line is kept low by a combination of the bell-shaped 
folding amplifier signals. At half the reference voltage level, a single differen-
tial amplifier pair switches and in this way determines the MSB change. No 
extra offsets or accuracy problems are found relative to the fine conversion 
signals which are generated in a later stage of the system. 
A similar opcration can be performed for the MSB-1 signals. Moreover, the 
MSB-2 signal is ec^ual to the output signal in the lower part of the circuit 
which combines stages O, 16, 32, 48. 

5 .8 .4 I n t e r p o l a t i o n c ircuit ' 

Up to this point, 64 reference levels have been converted into a repetition 
of zero crossings that could drive eight diff'erential comparator stages, and 
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thus generate three least significant bits. Together with the three MSBs 
this corresponds to a 6-bit system. To increase the resolution to 8 bits 
without adding folding stages, a four times interpolation of zero crossmgs 
is introduced at the outputs of the folding encoder. In Fig. 5.20 a simple 
resistor network which performs the interpolation of zero crossmgs is shown. 
For the 32 folding signals created this way, 32 differential comparators are 
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C,o 

To comparators 
C.o 

B. 

From 
analog 
ROM 

^B 

Figure 5.20 : Interpolation circuit diagram 

needed to derive the five least significant bits. 
Because the interpolation network is driven from voltage-follower stages, the 
output impedance of the network which drives the comparators varies from 
zero to R (i2 is the value of the interpolation resistors). The capacitive load 
of the comparator input stages on the interpolation network results in a 
variable signal delay which can easily be more than is allowed in this system 
(12 psec). Therefore, additional resistors of values R and ^ are added in 
series with some outputs to adjust the output impedance of the interpolation 
network equal to R. AH comparator stages now have an equal signal delay. 
A cross-coupling between the beginning and the end of the interpolation 
network is needed to obtain interpolated signals "around the corner", which 
is necessary because of the repetitive properties of the folding signal. 
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In Pig. 5.21 an example of two folding encoder output signals and the 
interpolated signal are shown. Although the interpolated signal is not exactly 
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Figure 5.21 : Iiiterpolation circuit output signals 

equal to the input signals, the zero crossings which contain the relevant 
information about the input signal are at the correct positions. 

5 .8 .5 C o m p a r a t o r s 

Most flash converters use clocked fiip-flops for the analog comparators. The 
basic circuit diagram of such a comparator stage is shown in Fig. 5.22. The 
operation of this circuit is as follows. When the clock signal is high, then 
transistors Q\ and Q2 are conducting and the input signal is amplified by this 
amplifier stage with i?i and R2 as load resistors. A decision is made when 
the not-clock signal is made high. This simple circuit shows an extremely 
good perforraance. However, every time data has to be entered into the 
flip-flop, base charge must be appUed to Qi and Q2. These transistors were 
switched off" during the decision-making and are switched on again to apply 
input information to the collectors of Qi and Q%, The base charge results 
in large charging currents flowing through the interpolation network. These 
charging currents disrupt the exact zero-crossing information which results 
in a reduction in effective bits. To overcome this problenn a different type 
of clocking scheme is used. The "high clocking" is shown in Fig. 5.23. In 
this circuit the input amplifier stage is continuously biased. Kickback eff'ects 
from the sampling clock are reduced considerably, while the "cascoding" by 
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the clock switches Qs, QQ^ QJ^ and Qg of the input signal and the compaxator 
output signal reduces the Miller effect of the collector-base capacitance of 
the amplifier transistors Qi and Q2-

5.8 .6 C ircu lar - to -b inary e n c o d e r 

Because of the repetitive effect in the fine converter, a circular code, instead 
of a linear thermometer code, is obtained. In Fig. 5.24 examples of the 
thermometer and circular code are shown. When decoding such a code, 

C O D E REPRISENTATION OF 

THE NUMBERS 0 - 7 

Thermometer 

0 0 0 0 0 0 0 
0 0 0 0 0 0 
0 0 0 0 0 
0 0 0 0 1 
0 0 0 1 1 
0 0 1 1 1 
0 1 1 1 1 
1 1 1 1 1 

Circular 

0 0 0 0 
0 0 0 1 
0 0 1 1 
0 1 1 1 

1 1 0 0 
1 0 0 0 

Figure 5.24 : The rm om e ter and circular code representation 

the transition between a group of ONEs and a group of ZEROs must be 
determined first. In the case of the circular code this function is performed by 
an EXCLUSIVE-OR function. The output of the EXCLUSIVE-OR function 
is applied to a ROM structure which converts the transition into a binary 
code (Fig. 5.25). The differential output signals of the encoder ROM are 
applied to differential amplifier stages which restore the current mode logic 
Ie vel. 

5 .8 .7 T i m i n g - e r r o r c o r r e c t i o n b e t w e e n M S B , M S B - 1 , a n d 
L S B s 

Although care has been taken to ensure equal delays for the MSBs and the 
LSBs in the converter, noise and decision uncertainties at the zero crossings 
of the MSB comparators can result in erroneous output codes. To over-
come this problem an error correction system is included. This correction 
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Figure 5.25 : Binary encoder ROM 

is achieved by checking the outputs of a set of folding amplifiers that have 
the maximum output voltages for input signal values where such errors can 
occur, i.e., near transitions of the MSBs. If such a folding ampUfier output 
indicates that the signal is in the transition region, then the MSBs are re~ 
placed by an appropriate value based on the most significant bit of the LSB 
bits. Whether one of the MSBs is replaced by the most significant bit of 
the LSBs or by its complementary value depends on the transition region of 
the input signal. In Fig. 5.26 these dangerous regions are shown. A timing 
error correction corresponding to d=^ of the fuU scale can be obtained with 

this method. 
A similar problem occurs at the top and the bottom of the input range. Be
cause of the circular properties of the folding signals, the MSB bits saturate 
at the end of the input range while the LSBs wrap around the corner. This 
may result in large code errors, which is not allowed. For example, with 
five LSBs and the three MSBs an input signal decreasing from a value cor
responding to the output code "OOOOÜüiO" would go through the following 
output codes:"00000010," "00000001," "00011111," "00011110," etc. These 
large signal glitches are not found in the input signal and therefore must 
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Figure 5.26 ; Dangerous regions of MSB and MSB-1 signals 

be limited to a maximum or minimum code depending on "overflow" or 
"underflow" indication. A similar correction as described for the MSBs is 
performed to force the output code to ONEs in the case of overflow and 
ZEROs in the case of underflow. 

5.8 .8 A / D conver ter i m p l e m e n t a t i o n 

The A/D converter was implemeuted in an advanced oxide isolated bipolar 
process. (Signetics HS3). Important device parameters are shown in Fig 
5.27. In the fijial system design one of the design goals was a minimum 
number of external components to operate. The total die size of the A / D 
converter function needed only 3.2x3.8 r)\Tr?. Although this is a small die 
compared to a fuU-flash converter, delays over wires of lengths comparable to 
the die size are still unacceptable. A 1 psec delay over a wire corresponds to 
a length of 200 /im, supposing the transmission speed is g the speed of light 
on the oxide/air interface. However, only delay differences in identical oper-
ations in the system influence the high-frequency performance. These delay 
differences can be kept small using proper layout structures. For example, 
tree-type wire structures as shown in Fig. 5.28 are used to ensure virtually 
identical path lengths for clock and signal distribution. A die photograph is 
shown in Fig. 5.29 
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Figure 5.27 : NPN device parameters 
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Figure 5.28 : Tree-type wire structures and conventional wire layout 

5.8.9 M e a s u r e m e n t s 

To verify the performance of the A /D converter a test set~up using an A/D-
D/A loop as shown in Fig. 5.30 was used. In this loop a D/A converter 
is used to reconstruct the analog value. The performance of this D/A con
verter must be much better than the performance of the A/D converter to 
be measured. If DC tests are carried out a 14-bit linear low-speed D/A of 
the type TDA 1540 can be used. The D/A converter can be hooked up in 
such a way that the input signal to the A/D converter being tested and the 
output signal of the D/A converter are in counterphase. Using a half re-
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Figure 5.29 : Die photograph 

sistor bridge between the input and output of this system the non-linearity 
can be easily measured and recorded using a plotter. No additional accu
rate elements are needed in this test procedure. The result of the linearity 
measurement is shown in Fig. 5.31. In dynamic tests a high-performance 
high-speed D/A converter is needed. Because of the availability of a slower 
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Figure 5.30 : A/D-D/A convertei test set-up 
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Figure 5.31 : Linearity measurement result 

speed D/A converter subsampling is used to allow measurement results up 
to 60 MHz analog input signals. The measured data are converted to the 
overall bandwidth of the converter at the used measurement condition. A 
result of the effective bits as a function of frequency is shown in Fig. 5.32 
The figure shows that the converter has an analog bandwidth of 40 MHz. At 
this frequency the effective resolution is reduced by 0.5 LSB with respect to 
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Figure 5.32 : EfFective bits as a function of input freï^uency 
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designcd. This converter needs a moderate die size and cousunics Icss than 

1 \V of power. 

5.8.10 C o n c l u s i o n 

In this chapter kigh-speed folding-typc A/D converters have been discussed. 
Tho advantages of foldiug systems over fuU-Üash ty])' without a sample-
aud-hold ampHfier at the input are clearly shown. With a lower power 
consumption and a smaller die size the performance of the folding-type con
verter is better than the best-known fuU-üash type. Comparator/ aiiiplifïcr 
stages can run at higher current levels, increasing the analog baudwidth of 
the system. This larger bandwidth results in a smaller signal-dependent 
delay, which results in a lower third-order distortion. Design criteria for full-
flash or folding-type converters are ïdentical conceruing the signal-dependent 
delay. In the ucxt chapter a detailed analysis of the signal-depcudent delay 
will be given. 

the lüw-frequency rcsolution. Input signals with a low distortion (below 60 
dB) and a sampling clock with au effective jitter below 12 psec are necessary. 
Verifying the clock jitter is a problem in itself. Further performance data 
are given in Fig. 5.33. The results of the measurements show that with a 
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Figure 5.33 : A/D converter performance dat 

foldiug architecture a high-.sperd high-performance A/D converter can be 
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Chapter 6 

Signal delay in l imiting 
amplifiers 

6.1 Introduction 

In most A / D converters the input signal is apjAicd to an aniplitude-limitiug 
circuit. Thiö ainpUtude-limiting circuit can be a difFerential amplificr stage 
or the input stage of a comparator. The amplitudo of the input signal is 
usually much larger than the linear range of the input amplificr stages. In 
this way a limitation of signals for the individual anipllfier stages occurs. 
This amphtudc limitation results in variations of the delay times of the zero 
crossings of the differcntial stages. This can be explancd in the followiug way. 
When a sinc wave is apphed at the input of the A/D convrrtor then it looks 
as if this sinc wave is cut iuto pieces with a variable slope. This slope do])onds 
on the level at which the input signal is equal to a reference voltage level. The 
variable slope introduces a variable delay of the zero crossing of the output 
signal. These delays are accordingly signal-slopo-dependent. As a rcsult, 
a non-lineai distortion of the input signal occurs while it travels through 
the A /D converter system. The iiioments at which an ideal amplifier would 
show a zero crossing are shifted in time. These time shifts rosult in errors 
in the output code of the A/D converter. This delay variatiou is caused 
by the frequency limitation which is always present in practical amplifier 
stages. This distortion occurs in particular in bipolar amplificr stages which 
have a Ümited Unear range. MOS amplifier stages have a larger Uucar range 
because of the much higher thrcshulj voltage of the individual devices with 
respect to a bipolax transistor. A simple calculation and design model will 
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be prcscnted in this chaiitrr. For additional information see [3G]. 
A/D cüuverters which use a sample-and-hold amphfier at the input are less 
sensitive to this slope-drpendent dehiy phenomenon. In reference [37] the 
imiJiuvemeuts in performance of flash-type A/D converters preceeded by a 
high-speed sample-and-hold amplifier are shown. The time constant with 
which the sampling of the analog siguals occurs can be made smaller than is 
the case with the large number of amplifier stages used in parallel or folding 
types of converters. 

6.2 Delay calculation model 

A simple model which represents the non-hnear behaviour of an amplifier 
pair with a frequency-linaiting circuit is modeled in Fig. 6.1 The model 

input o- o output 

amplitude 
limit ing 
circuit 

bondwidth 
Umi t ing 
circuit 

Figure 6.1 : Simple non-Unear model of a limitlng amplifier stage 

consists of an amplitudc-limiting stage foliowed by a bandwidth-limiting 
circuit. The amplitude-limitlng circuit is modeled by a linear transfer curve 
which satuiatcs uu both siJcb without any smooth transitions. Although 
practical amplifier stages show a certain smoothing in saturation, this simple 
model turns out to bc good enough for understanding the problem and 
dcriviug dusifi;ii requimmmts for the amplifiers. The bandwidth limitation 
is modeled by a simple RC nctwurk. Now assume that the input signal is 
incrca^ing with a constant slope within the linear region of the amphtude-
liiniting circuit. Then the first part of the output sigual of the RC network 
equals the n-spouse of an RC network to a ramp function (see Fig. 6.2). 
After the output signal of the amphtude-hniiting circuit reaches its maximum 
value, the output of the RC network equals the response to a step function. 
During normal operation of an A/D convcrter, the input signal source, which 
can be a sine wave, ovordri\-cs the differential comparator amphfier stctges. 

A 

V 

bn^A 

Figure 6.2 : Output signal of an amplitude-hmiting circuit with a ramp input 

signal 

When the input signal passes a differential stage at the zero crossing of the 
signal, a waveform like au input step is applied to the RC network. The delay 
in this case equals the response of an RC network to a step input signal. This 
delay, at half the output signal value, equals about 0.7 RC. When the input 
signal reaches the tips of the sine wave, a signal which can be modeled by a 
ramp signal is appUed to the RC network. In this case the delay will bccume 
RC. The result of this operation is that, depending on the slope of the input 
signal, the output zero crossiugs will have a variable delay, which changea 
from 0.7i?C to RC when the signal changes from maximum to niininium 

slope. The input slope variations occur because at the high md frrqnnncy 
range a sine wave is always compared with the reference levels. The anti-aüas 
filter which must precede a practical converter to avoid ahasing prrforms this 
signal filtering. This variable delay will cause signal distortiou, which is not 
allowed. A more exact analysis of this phcnomonon will be presented in the 
next section. 
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6.3 Variable delay calculat ion 

In a practical situation a step input response is never obtained. Thciefore 
a raiup with variable slope is used to model the hmited input sigual. Using 
Fig. 6.2 tlu; following notations for the variable signal delay are used: 

Vin input signal 
Vfs full scale value of the A / D converter 
GA aniplificT gain 
Vir = -^ input amplifier linear range 
ƒ,„ ini)ut signal frequcncy 

fi) = 2-x.TvRC ~^ ^^ baudwidth of the input amplifier 
t j = 2 X TT X fin 

S slope of the A / D converter input signal 

Soui slope of the output signal of the ainplitude-limiting circuit 
A maximum output voltage 
bn relative output voltage level at which the signal delay is determined 
fo start time of the ramp signal 

il time at which the ramp signal reaches the level 6^ x 4̂ 

t2 time at which the output signal of the limiting stage reaches the maximum 
value A 

tz time at which the output ramp-shaped signal reaches the level 6^ x A 

^d = H ' ̂ 1 

Suppose an input signal cqual to 

Vt 
Vin = - ^ sin ujt (6.1) 

is applicd to the input of thr A / D converter. Because of the anti-alias 
filtcriug which is rcquired at the input of an A / D converter this sine wave 
is a goed model for an input signal at the high end of the input frequency 
hiiiid. The slopc of the signal depends on the level at which the reference 
level crossing occurs. After differentiating the input signal we obtain for the 
slope of the signaJ 

S = _ ^ / 
a 

2 
X uj cos cjf. (6.2) 

The input slope is increased by the gain factor GA of the amphfier/ hmiter 
circuit. As a result, the oufput slopc which is applicd to the RC network 

becomes 

Sout — GA ^ Yii 
2 

X UJCOSUjt. (6.3) 

The output slopc of the amplitude-limiting circuit can be compared with the 

slope of the ramp function of Fig. 6.2. This means that: 

GA X Vfs xujcosujt = (6-4) 
19 — f O 

The value of ^ can be replaced by the lineai" input voltage range of the 

amplifier u/^, so'^then equation 6.4 can be rearrangcd into: 

f 2 - f o = 
2 X Vlr 

VfgU cos LJt 
(6.5) 

Using Laplace transforms the response of the ramp signal applicd to the RC 
network can be calculated. We obtain using the notations of Fig. 6.2: 

Vor^tit) = ( 
t-JQ 

t2-tQ 
X A -

RC _lr£a 

h - *o 
xAxil-exp—n^Wit-to) (6.6) 

In this equation U{t - to) is the unit step response 

i - i 

^ (IZIL X A - r ^ X A X (1 - exp-'^jjUif - ^2). (6.7) 
h - *o ^2 - ^ü 

The time delay U between the input and output ramp signal can bc cxprcssed 
in the circuit parameters when the output signal crosses the amphtude level 

br. X A. n 
We obtain after some reaxranging and inserting t - ^3: 

t t - i 

hn X {t2 - k) = {h -io-RCx{l- cxp «c ))U(t3 - fo) 
i-i-t 

- {h -t2-RCx{l- exp" t^c ))U{t3 - ^2). 

(6.8) 

(6.9) 

The time 3̂ can be expressed as foUows: 

/3 = io + n̂ X {t2 - to) + U- (6.10) 

Depending on the value of the time f3, two cases can be distingui.-.hud: 

a) ^3 < ^2 3Jid 

b) f3 > t2. 
Inserting the boundary value 3̂ < h into equation 6.10 results m: 

^2 - ^0 > 
td 

l-K 
(6.11) 
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Combining fqiiation 6.5 and equation G.11 aud rearranglng results in: 

^' < 2 ( l - 6 „ ) x ^^^^ 
RC Vfsfin 

(6.12) 

Equation 6.12 determines the switching between case a) and b). Suppose 
<3 < t-z, thcn only equation 6.8 is vaHd to express the output voltage. In
serting equation 6.10 into equation 6.8 results in; 

td = RC X (1 - exp «c ). (6.13) 

When cosiüt equals O or 1, then using equation 6.4 a value for 2̂ - ô of oo 
or p — ^ is obtained, respcctively. 

Inserting the value of oo for 2̂ ~ ô into equation G.13 gives: 

td = RC. (6.14) 

Now an estimate of the switching point between case a) and case b) can be 
made. Inserting equation 6.14 into equation 6.12 gives the estimate: 

An 

ƒ6 
< 2 ( l - 6 , ) x ^'^ 

V, fs 
(6.15) 

When the slope of the input signal varies, the interesting parameter is the 
variation of the delav t 

td = RC - ótd. (6.16) 

Proceed with case a): 

Substitution of equation 6.16 into equation 6.13 results in the following re-
lation between the input signal aud the delay variation Std'. 

êtd = RCxcxp "i' 
2 X fcn X V,^ 6t 

Vt.xRCx UJ C O B «(•^RC ^ (6.17) 

In Fig. 6.3 the variation of the delay as a function of the input signal slope 
is shown. The following valurs for the different parameters are substituted: 
RC = 200 psec 
fcn = .5 
V;, = 160 mV 
V/, = 1 V 
w = 2 X 7r X 50MHz. 
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Figure 6.3 : Variation of the delay as a function of the input signal 

Inserting cosu;/ - 1 into equation G.17 results in a simplified expression for 

the maximum delay variation: 

St^ = RC X exp 
- 2 * ^ ' ' " ^ V y , x / , „ + HC (6.18) 

A furthcr useful simplification is introdnced by replaciug ^ by the normal-

ized delay variation g. 
Thcn equation 6.18 becomes: 

-2xfc„x^>^/& +g-l 
g = exp ^/.^•'"> (6.19) 

From equation 6.19 the following can be concluded for a miuimum delay-
* « variation: 

a) The linear range Vh of the input amplifior must be large. 
b) A large amplifier bandwidth / t is nceded. 
c) A small full scale range of the converter is needed. 

The Uneax raage VJ, of au amplifier is detcrmined by the technology used. 
In a bipolax system without using emitter drgeneration elements a Unear 
range of about 120 to 180 mV is obtained. In MOS devices this Unear range 
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depends on the throshold voltage of the devices. 
The baudwidth of a systeni is mostly determined by the de bias condition of 
the amplifier stage. A large bias current results in a large power dissipation. 
Due to the cumplexity of the overall system, bias currents must be kept 
within certain limits, preventing the power dissipation of the total circuit 
from grou'lug to excessive values. A small size high-frequency technology 
is needcd to increase the analog bandwidth of the amplifier system. The 
minimum fuU-scale range of the converter is determined by the resolution 
and the matching of the input devices of the input amplifier. In bipolar 
devices in general a much better matching is obtaincd than is possiblc in 
an MOS technology. On the othcr hand, the noise generated in the input 
amplifiers determines the minimum tap spacing in a converter. In practice 
a minimum fuU scalc value of 1 V can be used for an 8-bit converter in a 
bipolar technology. 

To solve ihü implicit equatiou 6.19 a computer program is needed. 
However, it is possible to simphfy equation 6.19 by putting g <C 1: 

cxp ^fs '^Un (6.20) 

In Fig. 6.4 the relation between g and the ratio -P- is shown. 
ƒ•>. 
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Figure 6.4 : Rclatiou between the delay variation g and the ratio bandwidth/ 
input frequcncy 

Kut.' tliat this figure is only valid for case a). 

Proceeding to case b), the combined equation for the output voltage Vout(t) 

to reach the crossing point 6„ x A is obtained by afding equations 6.8 and 

6.9. The result becomes: 

(1 ~hn) X (f2-<o) = - ^ ( ^ x ( e x p " ^ - e x p " " ^ ^ ) . (6.21) 

Inserting equation 6.10 for f3 we obtain: 

'izila _ 6 n ( < 2 - ' 0 ) + ' d 

(1 - hn) X [i2 - h) = RCx (exp ^c - 1 ) X exp «^ 

Rearranging the terms in equation 6.22 results in: 

(6.22) 

e x p - ^ = (1 - K)C-^J^ ^ e x p ^ " ^ 
ii-tp 

x(exp «c - 1 ) 
- 1 (6.23) 

The limit value of -^ when 2̂ reaches io equals: 

td 
RC 

= - / n ( l - 6 „ ) (6.24) 

Inserting a value of 0.5 for 6, gives U = RC\n[2), This value equals the 
delay of an RC time constant on a unity step response as expected. 
A further simplifiratiou of formula 6.23 is obtained by in.scrflug equation 
6.16 and equation 6.5 for coso;* = 1. After rearranging the terms we obtain 
for a maximum in the normahzed delay variation: 

, = 1 - l n ( c x / ^ ^ - 1 ) + 2 K Ï ^ ^ + ln(2(l - K)V^^)- (C.25) 
Vfa X fin Vjg X fin 

In Fig. 6.5 the normalized delay variation (g = ^ ) for the combinatiun of 
case a) and b) are shown as a function of the ratio between the ampUfier 
bandwidth and the input frequency. The fuU-scale value of thr converter 
is inserted as a parameter. The liuear range of the input amphfier Vir = 
160 mV. This model is vcrified by extensive simulations at transistor level 
of chords of input amplifiers pcrforming an A/D input signal operation. 

These results can bc used in an eqTiation which will Jetermine the third-
order distortion in the converter system. This equation will be evaluated m 
the next section. 
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6.4 Distortion calculation 

Suppose an input signal Vin = sm{ujt + V') is applied at the input of the 
converter. In this fornmla ^ is an arbitrary phase shift introduced at the 
input to compcnsate for the various delays in the converter system. This 
phase shift is constant and independent of the slope of the input signah 
At the output of the converter a digitized signal is found which follows the 
follüwing cquation: 

V^^i = sin{ux{t-\-St)). (6.26) 
* 

Fruiii Fig G.3 it can be seen tliat a good approximation for the delay difFerence 
Stj as a function of the input frequency is; 

St = —StdX I cosuft (6.27) 

The absolute value for the cosine is insorted because regaxdless of the signal 
polarity the delay must have the sanie sign. Inserting equation 6.27 into 
equation 6.26 results in: 

Vout = smujtcos{uj6td I cosüjt |) + cosu-'f sin(u;(^ | cosut | ) . (6.28) 

Equation 6.28 can bc simplified using series cxpansion and supposing that 
Sid is small with respect to t. When only the first-order terms in the series 
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expansion are used, equation 6.28 becomes: 

Voui = smLjt-{-cosujt x6tH I cosujt \ . (6.29) 

A further simplification is obtained whon | costjt \ is cxprcssed in a Fouricr 

series. We obtain: 
cos ut 

4 
r^^ 

n STT 
cos2a;f. (6.30) 

Substitution of the series expansion from equation 6.30 into equation 6.29 

results in: 

2 4 
Voui = sinujf-t- -ujötdcosüjt + ---iü6tdCosu)tcos2ujt. 

TT oTT 

(6.31) 

Reworking the product of cos ui and cos 2ujt into a sum uf cosine terms givcs: 

2 2 
uótdCOSUjt + ::^Lj6tdCOs3ujt. 

37r 37r 
(6.32) 

Insertiug this simplification into equation 6.31 results in: 

8 2 
Vn..i = s'miüt + ^-u^U cosojt + ^r-^^U cos3ujt 

37r 37r 
(6.33) 

Prom cquation 6.33 it is shown that the signal-dependent delay results in a 
third-order distortion of the input signal aftcr the conversion taltes place in 

an absolutely linear A/D converter. 
The small cosine term can be included m the sino wave expression by substi-

tuting tan 7/ = j^'^^U. This results in a small phase shift of the sinc term, 

we obtain: 

Voui = y ' t a n ^ T/ + 1 x sm{ujt + T?) + 
2 X g X ƒ,„ 

3 X -ïïfb 
cos 3ujt (6.34) 

The third-order term is a direct expression for the distortion in the A/D 
converter. lu Fig. 6.6 the distortion as a function of the ratio - ^ for the 
limited case a) is shown. This curve givcs a general insight into the effective 
bits of a converter as a function of the ratio bandwidth/input frequency. The 
distortion of the system is shown in Fig. 6.7. IL rr again, Vj, is a parameter 
to gct Information about the distortion dependuuce of the fuU-scale range of 
the converter. Care must be taken in using the total distortion equation at 
the high-frequcncy end limit. It must be verified that the comparators or 
ampUfiers at those high frcqueucies settle to the final signal value. Otherwise 
wrong conclusions are drawn. 
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Figure 6.6 : Relation betwecn distortion and bandwidtli/input frequency ratio of 
an A/D converter 

pressions determine the effective resolution bandwidtli of a converter. There 
is no diffcrcuce in analysis betwecn a full-flayh converter or a folding con
verter. The relations given are verified usmg extensive siniulations on A/D 
converter circuits. These simulations are performod at transistor Icvel. Fur-
thermore, uieasurements on a flash-type A/D convrrtcr show the consider-
able increase m third-order signal distortion at high frequencics. 
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6,5 Conclusion 

lu this cbaptcr a generalized relation between amplifier bandwidth and max-
iiiiuni input frequency for an A/D converter is calculated. When no other 
distortion products due to ladder non-liuearity etc. occur, then the given ex-
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Chapter 7 

High-accuracy A / D and 
D / A converters 

7.1 Introduction 

High-resolutiüu iiionolithic A/D and D/A converters are subject to gruwiag 
interest due to the rapidly expanding market for digital signal processing 
systems. An example of such a market is digital audio. The largc dynaiiüc 
range of a digital audio system requircs converters with resolutions of 16 to 18 
bits. Monolithic converters with such a high linearity are difiBcult to design 
and require special circuit configurations. In this chapter a special circuit 
configuration, called "Dynamic Element Matching" will be described. This 
technique combines an accurate passive current division with a time divisiou 
mcthod to obtain the very high accuracy needed in monolithic converters 
without using trinmiing techniqnes. This system is furlhermore insensitive 
to clement aging and remains accurate over a large temperature range and 
with varying clements. In references [38,1,2] examples of circuits realized in 
practice are giveu. 

7.2 Binary current weighting using ladder net-
works 

An R/2R ladder network with terminatiug transistors to gencrate binary 
weighted currents is shown in Fig. 7.1. The good matching and excellent 
thernial tracking of integrated resistors is the main design criterion of this 
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circuit. Some practical iufoniiatiou abuut resistor matchiug is given in ref-
erence [39]. The circuit consists of equal resistors with a value R. The 2R 

Figxire 7.1 ; R-2R ladder iietwork D/A converter system 

resistor is formed by connecting two resistors in series to obtain the best 
resistor matching. Because the output currents are binary weighted, the 
base-emitter voltages of the terniinating transistors will decrease if no spe
cial incasures are taken. Prom Fig. 7.1 it can be seen that the transistor 
sizes decrease by a factor two every time the current is reduced. In a 10-bit 
system, for cxamplc, the largest transi.shir bas a size which is 2 ^ = 1024 
tiuicb iLc size of the transistor iu the least significant bit. Such a ratio in 
tran.sistor size requires a large die size. Morcover, the output capacitance 
of the must significant bit current is large due to the parallel connection of 
1Ü24 transistors. Such a large capacitance has a drawback for the switching 
of this current to the output terminal. As a result it is difficult to operate 
all switches at the sauie speed. This switching at the exact same moment 
is requirrd to obtain a small output glitch. A reference source is added to 
accurately detcrmine the value of the full scale of the converter. Technology 
studies in a bipular or CMOS implementation of these types of converters 
show that without triimning an accurate converter of up to 10 bits can be 
designed. In that case this converter does not need any trimming to obtain 
the requirrd linearity and monotonicity specification. Modifying the design 
in a niultiple equal current generation and switching of two or more of the 
MSBs improvcs the monotonicity of the convrrtiT. Furthcrmore, the accu-
racy is increased by using more clements iu parallel to eenerate the hieh 

current values. The law of the numbers increases the wcighting accuracy by 
the square root of the numbcr of clements used. To increase the accuracy 
of the R'2R system a trimming procedure is needed. "With trimming it is 
possible to obtain the high accuracy. However, the sysLcm becomes seusitive 
to material stresses and therefoie needs to be trinuned after the die has been 
mountcd in its encapsulation. An example of a trinuned high-resolutiou con
verter is given in reference [40]. Such procedures are fairly expensive. To 
overcome this problem a different system approach will bc used. 

7.3 Basic dynamic divider scheme 

A simplified circuit diagram of the basic dynamic current divider is showu 
;-, !?.„ 7 o TV.O r-irz-iiit- rnnsists of a Dassive current divider and a set of 

3 
0 

4 
0 

switches 

I-

0 
Figure 7.2 : Basic dynamic current divider 

switches driven by the clock generator ƒ. The passive divider divides the 
total current 21 into two nearly equal parts: ƒi = 7 + A / , I2 = I — A / . The 
currents I\ and I2 axe now interchanged during equal time intervaLs with 
respect to the output terminals 3 and 4. At these terminals currents then 
flow whose average values are exactly equal and have a de value I. In Fig. 
7.3 the currents as a function of time are shown. The figure shnws that a 
small ripple current with a value of 2 A / and frequency ƒ is also present at 
the output terminals. This ripple is a measure of the matching accuracy of 
the passive divider. With a simple low-pass filter thib ripple can bc removrd 
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Figure 7.3 : Currcnts as a function of time in the dynamic current divider 

from tho nutput current and as a result accurate output currents with a value 
of / are obtaiucj. In priuciple, a current divider with an exact division ratio 
of ono-to-two is obtained with this system. Moreover, if the matching of 
the passive dividcr stage changcd during operation, for example because of 
a slnwly changing temporature, then the accuracy of the system would not 
changc. Tb^' nuly variation which occurs is the increase or decrease of the 
ripple current value dependiiig on the direction in which the matching in the 
passive divider changes. In the previous aiialysis an ctccurate time division 
by two is supposed. If there is a slight difference in the timing of the two 
clock cycles, then a high-accuracy is still possible. Suppose that the clock 
time periods differ by a value A^ then we obtain: 

ti = t + M, (7.1) 

and 

t2 = t - At. (7.2) 

Also, using the alrcady defined values fur ly and I2 

h=I-\- A/, (7.3) 

and 
h = I - AI. (7.4) 

7.3. BASIC DYNAMIC DIMDER SCHEME 125 

The current differences AI are equal because the sum of the two currents 
must be equal to 2 / . which is the starting current of the divider stage. Dunng 
the first pha-se of the clock cycle the output currents become: 

loutn = {f + ^t) X {I + AI) (7.5) 

and 
/„,„2i = ( < - A i ) x ( / - A 7 ) . (7.6) 

lu the sccond phase of the clock cycle the output currents chaage iuto; 

/.uil2 = (< + A < ) x ( ^ - A / ) (7.7) 

and 
Iou^22 = ( i - A 0 x ( ^ + ^-^)- (7.8) 

Now at every output terniinal the currents must be added and averagrd over 

the total clock time 2t. We obtain: 

lontn-\-Io.ti2 ^j ^ AtxAl 

I out2l 

2t 

+ 1 oiit22 

2t 
= J -

t X / 

At xAI 

t X / 

(7.9) 

(7.10) 

As is seen from equations 7.9 and 7.10 the flnal accuracy in this system is 
determined by the product of two small errors. In practice it is not difficult 
to make ^ < 0.1% and the matching of the passive divider can easily be 
made smaller than 1% so ^ < 1%. An overall accuracy better than 10 
is obtained without using extremely difficult circuitry or elements which are 
difficult to match. The ripple which is present at the output of the divider 
scheme is a measure of the matchmg accuracy in the passive divider. This 
method which obtains a high accuracy without uskig highly matched and 

Led elements is called Dynamic Element Matching. 
II1II highly accurately tri:. 

The value of the ripple can be reduced by optinii/.ing the matching charac-
teristics of the passive divide-by-two stage. A sniall ripple on the output 
values of the circuit allows the use of a simple low-pass filter network to 
reject this ripple below the quantization noise of the system. Usually such 

a network cousists of a single RC ." t̂age. 
Generally spcaking: Dynam.ic Element Matching can be used to increase 
the accurzicy of a dividcr scheme when the network can be spÜt up into a 
number of nearly equal elements. The accuracy improvement is obtained 
by a continuously cycUc iuterchangiug of the elements with respect to the 
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respective output terminals. The output signals must be averaged over the 
total interchanging timeperiml. At least an order of magnitude improvement 
in accuracy is obtained in this way. Furthermore, this system is independent 
of element aging and does not need highly accurate elements. 
In refcrence [41] an cxample is shown which does not use biuary weighting of 
current. Instead a decimal weighting is used to generate reference currents 
for resistor measurments. 
Self-calibration techniques of converters have become fairly popular during 
the last few yeaxs. In rcferences [42,43] exaniplcs of these techniques are 
given, applied in a D/A and an A/D converter. 

7.4 Practical dynaniic divider circuit 

In Fig. 7.4 a circuit diagram of a practical divider in a bipolar technology 
is shown. The passive divide-by-two current division is performed by tran-

0 -

Figxire 7.4 : Practical dynamic divider scheme 

sistors Tl, T2. Twu croes-coupled difTerential stages (T3 to Tio) interchange 
the currents Ji and I2 for equal time intervals between the output terminals 

3 aud 4. Thr alroady discussed improvement in division accuracy with re
spect to the basic current divider Ti, T2 is now obtainnd. The base currents 
of the Darlington switches limit the division accuracy. The only criteriou 
determining this overall accuracy for the whole circuit is a high current gain 
of the Darlington circuits (e.g. p^ > 10^ and with - ^ < 0.1 a practical 
limit better than 10"^ is obtained. If the current gain of a standard process 
is not high enougb, then an extra processing step to obtain high-gain, low 
breakdown transistors can be uscd, The value of the output ripple current 
depends on the matching of the current uiirror Ti, T2. A problem in this cur
rent mirror is the base current of transistors T\ and T2, which is added to tbc 
current flowing through transistor T2. This reduces the matching accuracy 
in the system to about i . An improvement in matching accuracy is oblalncd 
by inserting einitter degeneration résisters REI and RE2 a^ shown iu Fig. 
7.4. An exact compensation of the base currents is obtained by inserting 
a resistor with a value of 2 x RE2 in series with the base of transistor T2. 
This results in the same effect as increasing the value of the emitter resistor 
RE2 ^y a- value 2 x —f^. The voltage drop across the resistors is about 5 
to 10 times the value of ^^-~, giving a value between 125 mV and 250 niV. 
The minimum supply voltage drop ;umsa the circuit to operate under liucar 
condition is about 3Vbe or between 1.8 and 2.5 V. 

7.5 Two-bit dynamic current divider scheme 

In the circuit of Fig. 7.4 per dynamic divider stage only one accurately 
matched bit current is generated. \\Ticu siich stages are cascaded, then the 
supply voltages will increase to an impracticaUy high voltage level. To over-
come this problem a 2-bit system will bc used. The basic system diagram is 
shown in Fig. 7.5. In this system the passive divider is extended to divide 
a current 4 / into four nearly equal currents: Ji = ƒ + Ai ƒ, /2 = -̂  + A2J, 
J3 = 7 + A37, and 74 = 7 4- A4. Note that Ai -b A2 + A3 + A4 = O, because 
the total current which is divided into four nearly equal parts is 47. These 
currents are now fed into a switching netwerk that interchanges all currents 
during equal time intervals* with respect to the output terminals 1, 2 and 
the combined terminal 3. At these outputs averaged currents with values 
-T, / , and 2/ are obtained. In Fig. 7.6 the output currents as a function 
of time are shown. From Fig. 7.6 it can be seen that the currents with 
a value 7 have the same frequency as the clock ƒ, while the current with 
a value 21 has a ripplc with a frequency ^ . Timing errors have the same 
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Figure 7.6 : Output currents as a functlon of time for the 2-bit divider system 

inÜuence as in the one-bit divider scheme. In Fig. 7.7 a circuit diagram of 
a practical divider circuit is shown. It consists again of a passive divide by 
four stage usiug transistors 21, T2, T3, aud T4, with the cuiitter dcgcneration 
resistors R. This stage divides the current 41 into four nearly equal values 
of I. These currents are applied to the interchanging system consisting of 
Darlington switches to minimize base current losses which might reduce the 
overall arniracy of the system. In Fig. 7.7 the bases of the passive divider 

shift 
register 

Fieure 7.7 : Practical 2-bit dynamic current divider 

are couuected to a reference voltage K^/- Usually this rcfer .u. . voltage is 
the collector terminal of, for examplc, transistor T,. In this way a current 
mirror circuit with four output signals is obtaincd. Furthcruiorc such a sys
tem does not lose base currents due to tbr final current gam of the bipolar 
transistors used in this system. By tuniug one of the endtter rcs.stors a more 
accurate division in this divide-by-four stage is obtaiucd. The same method 
-- j IQ p^g 7 t; ^^r^ hr^ iniPfl asTjüu (oT traüsistor Tl-

A four r-stage shift registor provides the time-acturate signals for thr inter
changing of the currents. In this circuit a high time division accuracy is 
easily obtaincd. The only additional criterion to iinpr.Ac the ^f^uracy of 
the system is a high current gain of the bipolar transistors in the Darbngton 

switches. 
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7.6 High-speed Darlington switching stages 

It is known in general that Darlington stages do not switch accurately and 
rapidly. In Fig. 7.8 a single Darlington stage consisting of Transistor Ti 
and Transistor T2 is shown. The parameters which determine the switching 

B 

C 
bel 

C 

2 

C C 
6 E 

be X 
be2 

Figure 7.8 : Basic Darlington switch configuration 

performance at high frequencies are shown as capacitors Cjei, Cbe2i ^^^ 
Cbc- Capacitor Ctex is an extra capacitor. The function of this capacitor 
will be explained later on. Suppose at first that the value of Cbex = O-
When the switch is conducting and is intended to be switched off, then 
due to the loading of transistor 7i with a capacitance of Cbc2 + *̂ fce2 > 
Cbei transistor Ti will be switched off much faster and with a larger voltage 
variation than the voltage swing across T2. The capacitive division of the 
switching voltage is not balanced equally across the transistors T l and T2. 
A much smaller variation of the switching voltage across T2 is obtained in 
comparison with Ti. Furthermore, due to the forward biasing of transistor 
T2 at a much higher level than Ti the base-emitter capacitance Cbe2 of T2 
is much larger than Cbei of Ti. As a result, the capacitor unbalance is 
increased for high-speed switching signals. To overcome this problem an 
extra capacitor C^ex is added to the bcLse-emitter capacitance of transistor 
Tl. The value of this capacitor must be chosen in such a way that an 
equal switching voltage variation across transistor Ti and transistor T2 is 
obtained. Using an accurate transistor model a simulation can show the 
exact value of Cbex- ^ a practical application, however, this capacitor is 
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rather difhcult to construct and to apply in an integrated circuit layout. 
Therefore a parameterized model configuration is used in which the size of 
transistor Ti with respect to transistor T2 can be increased. In this way 
the capacitor matching and implementation are done by properly adjusting 
the sizes of transistors Ti with respect to T2. In Fig. 7.9 an example of a 
Darhngton switch layout is shown. 

Figure 7.9 : Compensated Dadington switch layout 

7.7 Dynamic current mirror circuit 
L 

In some applications it is useful to obtain an accurately matched current 
mirror. A circuit diagram which uses Dynamic Element Matching to ob
tain a device-indepeudent accurate current mirror is shown in Fig. 7.10 The 
basic cnrrent mirror consists of transistors Ti and T2 with emitter degen-
eration résisters RE to increase the matching accuracy. Darlington stages 
T3 to TiO interchange the currents of Ti and T2 with respect to the sum 
and output terminal of the mirror. Darlington stage T12 and T13 with the 
level-shifting diode T u forms the current-source feedback loop. In the pre-
vious circuit diagrams a connection between the collector and the base of a 
transistor was used to construct a diode which in cooperation with a parallel 
connected transistor forms a current mirror. Two cases of operation can now 

be distinguished. 
1) An averaging capacitor is connected across the diode connection of the 
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fJlTL 

Figure 7.10 ; Dynamic current mirror circuit diagram 

current mirror. This meaus that the base of transistor T13 is decoupled to 
ground with the capacitor shown as C. The average value of the collector 
currents ld and Ic2 shown as I^ is made equal to lin- Th en the average out
put current lout is the average value of I4. As a result au accurate cxurrent 
mirror /o„i = /,„ is obtained. 

2) The capacitor C is omitted. During the first half period of the clock phase 
the current 1^2 is controlled in such a way that Ic2 = lin- By supposing an 
error A between the transistors Ti and T2, au output current equal to Ipui 
= lin X (1 + A) is obtained. During the second phase of the clock cycle, ïci 
and Ic2 are interchanged, resulting in an output current lout = ji^- When 
A is made small, by obtaining a good matching between the transistors Ti 
and T2 then the division by (1 -|- A) can be approximated by a finite series 
expansion. As a result we obtain: 

laut = Iin{l ~ A-h A"^) 
I 

After averaging the results over the total clock period we obtain 

lout = Iin{l-\-^A^) 

(7.11) 

(7.12) 
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Inserting a value for A < 0.5% the mirroring error term is below 10"^. The 

current mirror without the capacitor C shows a less accurate performance 

than the one with a large capacitor C. 

7.8 Binary-weighted accurate current network 

A binary-weighted current network is formed by cascading current division 
clements. In Fig. 7.11 a simplified block diagram using single current divider 
stages is shown. In the first divider stage a combination with a reference 

1 / 4 1 / 4 1 / 2 r 

tA 

Figure 7.11 : Binary-weighted current network 

current source J , , ; aiid a current amplifier A, is made to obtain an accurate 

current mirror. of Now two possibilities exist with respect to the mterchaugmg frequency 

the cascaded current divider stages. 
1) Every following divider stage is operated at half or doublé the switchang 

frequency of the first divider stage. 
2) Every divider stage obtains the same interchanging frequency. 
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7.8 .1 B i n a r y - w e i g h t e d current n e t w o r k w i t h d i v i d e d inter -
c h a n g i n g c lock 

In this case digital clock circuitry which accurately divides the interchanging 
clock frequency by two is needed. Supposing that we lower the interchanging 
frequency every time a current is divided by two, then we will not have 
any interaction between the individual current dividers concerning the finite 
m.atching accuracy of every divider. In Fig. 7.12 the currents in the first 
and second divider stage as a function of time are shown. Suppose that the 

I I ...i 2^,1 

t 
V2^V2-- i - - - - R ^ ; 2^21/2 

t 

Figure 7.12 : Output currents of first two current dividers as a function of time 

output current of the first divider /* shows the inaccuracy Ai as shown in 
the top part of Fig. 7.12. In the output current | of the second divider stage 
we can recognize the error A2 with a frequency | and the error Ai of the 
first stage with a frequency ƒ in the lower part of Fig. 7.12. During a half 
period of the clock ^ the average value of the current i does not contain an 
error term originating from the first divider stage of frequency ƒ. The same 
is valid for the second half clock period of the frequency ^. As a result of 
this operation no interaction of the division accuracy of the first stage on 
the second stage is found. If the clock frequency division is continued the 
same arguments can be used for the next stage and so on. An independent 
operation of the Individual stages in the total divider chain is obtained. A 
disadvantage of the division of the interchanging clock frequency by factors 
of two is the large increase in digital circuitry which is needed to accurately 
drive the individual divider stages. Moreover, the ripple frequency decreases 
with decreasing current value. This means that the filtering capacitors which 
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are used in the passive ripple filter increase and might need impractically 

large values. 

7.8 .2 B i n a r y - w e i g h t e d current n e t w o r k u s i n g equed interchang

i n g c lock frequenc ies 

When all divider stages are operated with the same interchanging clock then 
it is expected that in the error analysis interactions between the individual 
divider stages will occur. Timing errors in this case are equal for all the 
divider stages. These timing errors can therefore be separated from the 
division errors in the individual stages. 

Suppose the error in the first stage is denoted as Ai , then the total error of 

the first stage including the timing error can be written as: 

At 
r = / . e / ( i + A i x ^ ) -t 

(7.13) 

In the expression given in equation 7.13 the filtering capacitor as described 
with regard to the accurate current mirror circuit is ignored. The average 
value of the output current of the second stage can be calculated: 

J 

2a 
= 1 

(1 + Ai ) ( l + A2){t + At) + (1 - A i ) ( l - A2)(t - At) 

verage 
ref 4t 

(7.14) 

This long formula can be simplified into: 

At 
£ ^ : W (1 + A,A2 + (Al + A s ) — ) -
2 2 ^ ^ 

(7.15) 

The average value of the output current of the third stage is again deter-
mined. The simplified result is shown in the foUowing equation: 

At 
l = L{l- A1A2 + A1A3 - A2A3 + (Al - A2 + A 3 ) — ) . (7.16) 

If the error terms of the individual stages are made small (A i^n < 0.5%), 
then the infiuence of the interactions between the individual divider stages 
on the overall accuracy of the binaxy-weighted current network can be kept 
very smaU. To increase the resolution of the active divider stages a 2-bit-
per-switching-level configuration can be used advantageously. 
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7.9 14- and 16-bit binary network examples 

An example of a 14-bit binary-weighted current network using 2-bit-per-level 
divider stages is shown in Fig. 7.13. In this system 5 active divider stages 
are cascaded foliowed by a 4-bit peissive divider using emitter scaling of tran
sistors. In the 14-bit system a choice betwecn 5 active and a 4-bit passiva 
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Figure 7.13 : 14-bit binary-weighted current network 

divider has been made to obtain a high circuit yield. The disadvantage of 
the large number of cascaded active stages is the large supply voltage needed 
i^supply > 15 V). To overcome this drawback the number of active divider 
stages can be reduced. In Fig. 7.14 a 16-bit binary-weighted network is 
shown. Here 3 active divider stages are cascaded, foUowed by a 10-bit pas-
sive divider using emitter scaling. To obtain a high matching accuracy in the 
passive divider the 1024 transistors used are randomly interconnected. In 
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Figure 7.14 : 16-bit binary-weighted current network 

this way the accuracy increases with the square root of the number of tran-
sistors connected in parallel, This means for the MSB bit that the practical 
matching between transistors of about 1% is increased by \/512 ^ 20. This 
results in a matching accuracy of 0.05 %. Tests on practical dividers built-up 
from 1024 transistors to obtain a 10-bit divider showed that these circuits 
can be designed with a high circuit yield. The supply voltage of the total 
circuit can be reduced to 12 V. In Fig. 7.15 a 10-bit binary-weighted cur
rent divider using emitter scaling and base-current compensation is shown. 
Note that all the bcises of the transistors are connected to obtain information 
about the total base current which would have been lost when no additional 
circuitry is added. To obtain an accurate base-current compensation a sec-
ond scaling of the base currents is used with a second passive divider stage, 
again using emitter scaling to improve the division accuracy. In the case of 
base current compensation the averaging effect improves the base current 
compensation again resulting in a high-accuracy base-current-independent 
passive division network. 
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Figure 7.15 : 10-bit binary-weighted current divider using base current compen 
sation 

7.10 Filtering and switching 

In Fig. 7.16 the switching and filtering operation of the bit currents of 
the active divider stages is shown. A first-order filtering operation using the 
elements i^iCi, R2C2 is performed to remove the ripple current from the final 
accurate bit current. The external capacitors Ci and C2 are added to the 
chip for this purpose. Additional Darlington cascode stages {T3, T4 and Ts, 
TQ) isolate the filter operation from the switching of the binary-weighted bit 
currents. Furthermore, the individual filtering of the bit currents minimizes 
the noise on the bit output currents, resulting in a high signal-to-noise ratio 
of the total converter. Bit switching is performed with a diode transistor 
configuration (Ti, Di, and T2, D2). This switching configuration obtains a 
very high switching accuracy in steady state because no currents are lost by 
the final current gain of a bipolar transistor. A diode conducts all the applied 
input current to the output terminal. One problem, however, is found with 
this diode-transistor switch. The switching speed at low bit current levels is 
reduced because of the large capacitive loading in the collector leads of the 
Darlington stages (e.g. Te, T^). This capacitance must be charged before 
the bit current is conducted to the output through the diode D2. In this 
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Fïcure 7,16 : Filtering and switching of bit currents 

example it is supposed that the bit current is NOT flowiug to the output 
terminal at the beginning of the switching cycle. This is the worst condition 

in this circuit. 

7.11 Compensated bit switch 

To overcome the speed problem at low current values an additional switch
ing stage is added to the circuit diagram of Fig. 7.16. The objective of 
this additional switching stage is to maintain the same voltage levels in the 
switching bianch of the circuit. In this way parasitic capacitances do not 
need to be cliarged or discharged. In Fig. 7.17 the improved switch is shown. 
To obtain the compensation effect an extra diffeiential pair T7, Tg with the 
résister R are added to the circuit from Fig. 7.16. The difïerential amplifier 
T7, Tg has a tail current with value Icomp- The value of this current is chosen 

in such a way that: 
(7.17) I comp xR = AV 

In this equation the value of AV is equal to the voltage swmg which is 
applied to the diode-transistor switch to get a high switchmg accuracy In 
this case this means that the on-ofF ratio of the switch must be better than 
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Figure 7.17 : Improved diode-transistor bit-switch 

1 to 10~ over temperature and supply voltage ranges for which the 16-
bit D/A converter is designed. The operation of the compensation loop 
is as follows: Suppose first that the bit current is switched to the output 
terminal of the converter. This means that the diode T3 is conducting and 
the compensation current is üowing through transistor Tg to the supply line. 
The voltage level across the diode T3 and the compensation resistor R is 
preset. At the moment the bit current must be switched off, the diode T3 
is switched off and transistor T4 starts conducting because the base voltage 
of this transistor now equals the supply voltage Vrefi- At the same time 
transistor T-j starts conduction and a current will flow through the resistor 
R and transistor T4. The value of the resistor R with the compensation 
current Icomp is chosen in such a way that the voltage jump in the collectors 
of Tl and T2 is made zero. As a result of this action the parasitic capacitor 
in the collectors of Ti and T2 does not change in voltage level. No charging 
current is subtracted from the bit current which is switched on or off. A 
faster operation of the switch is obtained. This faster switching also reduces 
the possibility of glitches occuring at the output of the converter. 
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7.12 Output current-to-voltage converter 

The diode-transistor switch shows a big advantage in terms of accuracy of 
switching. One drawback, however, is the coupling of the output voltage level 
with the switching voltage level applied to the transistor part of the switch. 
Due to the diode coupling there is a direct connection between the output 
voltage and the voltage at the emitter of the diode. Voltage variations at 
this point reduce the effective switching voltage, which might result in a loss 
in switching accuracy. To overcome this problem an inverting operational 
amplifier must be connected at the output of the switch. The voltage level 
around which the switching occurs can now be accurately determined. As 
a result, the voltage swing which is applied to the switch can be optimized 
with respect to accuracy, switching speed and minimum glitch output. 

7.13 / A 

A complete circuit diagram of a 14-bit D/A converter with parallel data 
inputs is shown in Fig. 7.18. Note that in the reference input circuit a 
temperature-compensated current reference source is used in a current mirror 
circuit to apply this current to the binary current divider network and that 
the other terminal of the current reference is used as the MSB current of the 
converter. This current is switched directly by the MSB current switch. A 
master/slave flip-Üop is used to accurately generate time moments for the 
dynamic matching operation in the circuit. This flip-flop is driven by an 
emitter-coupled multivibrator to generate clock pulses for the time-dividing 
Üip-fiop. To avoid feedthrough of the digital data Information to the analog 
output terminal of the converter, a serial input data system is needed. 

7.14 / A 

In Fig. 7.19 a dual 16-bit D/A converter system diagram is shown. The dig
ital TTL-compatible input data are appHed to a shift register which trans-
forins the serial input data into parallel format, which is latched and applied 
to the D/A converter switches. The data transfer between the integrated 
circuits is according to the Inter IC Signal Standard (PS). In this system a 
6-bit active division is combined with a 10-bit passive division to obtain a 
16-bit accurate current network per D/A converter section, The number of 
external components can be minimizcd in this way. 

i 

Ni 

i 



142 CHAPTER 7. HIGH-ACCURACY A/D AND D/A CONVERTERS 

LSB MSB 

•mmm 

Figure 7-18 : Complete 14-bit D/A converter circuit diagram with parallel data 
input 
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Figure 7.19 : Dual 16-blt D/A converter system diagram 
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7.14.1 16-bit converter d a t a 

In Fig. 7.20 the performance data of the dual 16-bit D/A converter TDA 
1541 are given. Additional measured data axe shown in Fig. 7.21 and Fig. 

RESOLUTION 
F.S. OUTPUT CURRENT 
TEMPERATURE COËFFICIËNT 
DIFF. LIN. ERROR 
ABSOLUTE LIN. ERROR 
SETTUNG TIME T0 1 LSB 
CHANNEL SEPARATION 
HARMONIC DISTORTION 
TEMPERATURE RANGE 
POWER DISSIPATION 
SUPPLY VOLTAGES 
PACKAGE 
CHIP DIMENSIONS 

TYP. 
TYP. 
MAX. 
MAX. 
MAX. 
MIN. 
MAX. 
TYP. 
TYP. 
NOM 

16 
4.0 
200 
1.0 
1.0 
1.0 
90 
- 9 6 
- 20 TO +70 
800 
+5, - 5 , - 1 5 

BIT 
mA 
ppmAC 
LSB 
LSB 
usec 
dB 
dB 
°C 
mW 
V 

STANDARD 28 PIN PLASTIC DIL 
3.8 * 5.43 mm 

Figure 7.20 : 16-bit D/A converter data 

7 22 These figures show the signal-to-noise plus distortion as a function of 
amplitude and of frequency. As a result it can be said that using Dynamic 
Element Matching very high performance D/A converters can be built with 
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a dynamic performance close to the theoretically attainable maximum. In 
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Figure 7.22 : Signal-to-noise plus distortion as a function of frequency 

Fig. 7.23 a die photograph of a 14-bit D/A converter is shown, while Fig. 
7.24 shows a die photograph of a dual 16-bit D/A converter. Both converters 
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are made using a bipolar process with doublé layer metal. 

Figure 7.23 : Die photograph of a 14^bit D/A converter 

7.15 High-accuracy A / D conversion 

In fast and highly accurate A/D converters, the successive approximation 
method is commonly used. Accuracy and linearity in this system are de-
termined by the D/A converter, while the conversion speed depends on the 
comparator response time and the settling time of the D/A converter. In 
a successive approximation system the analog input signal is approximated 
by the step-by-step built-up analog output voltage of the D/A converter, 
starting with the most significant bit. To obtain the high accuracy for the 
D/A converter needed to construct a 14- to 16-bit A/D converter Dynamic 
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Figure 7.24 : Die photograph of a dual 16-bit D/A converter 

Element Matching is used. In the 14-bit A/D converter, [3], which will be 
discussed in the following sections the 14-bit D/A shown in Fig. 7.18 is used. 
Due to the construction of the bit switches, which in the high-accuracy part 
consist of a diode-transistor configuration, the output voltage swing at the 
D/A current output must be small. This voltage swing, called output volt
age compliance, reduces the effective bit drive voltage of the D/A converter. 
To avoid problems in this system a special comparator operation is needed. 
In general-purpose A/D converters, a general non-linear comparator circuit 
with high gain around the zero-crossing level is used. Such comparators 
generally have a certain voltage compliance which is above the range needed 
for the D/A converter from Fig. 7.18. Therefore a wideband, high-speed 
operational amplifier with diode clamps is applied in the inverting mode. 
The voltage compUance in this case remains below a few milli volts. This is 
accurate enough to obtain the fuU accuracy of the D/A converter. 
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7.16 General converter system configuration 

A block diagram of the A/D converter system is shown in Fig. 7.25. The 
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Figure 7.25 ; Block diagram of the A/D converter system 

most important parts are the successive approximation logic, the D/A con
verter with the reference current source, the subtractor-comparator circuit 
using an operational amplifier to convert the analog input signal into a cur
rent, and the interna! clock generator with the control logic. Digital input 
and outputs are TTL compatible. In the internal digital part current mode 
logic (CML) is used for speed. Because of the difFerential operation of the 
current mode logic low interference of the switching signals on the power 
supply Unes is obtained. At the input a TTL-to-CML logic converter stage 
is incorporated, while at the output CML-to-TTL levels converters with 
output buffers are used. A scheme with addressable latches is used in the 
successive approximation register to minimize the number of components. 
Output data fiow of the converter is in a serial mode to minimize the num
ber of circuit pins and to reduce the noise generated by the TTL output 
signals. The start conversion pulse activates the internal clock and control 
logic for one conversion cycle. A constant "trial-and-decision" time period 
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is used, except for the most significant bit which has a 50 percent longer 
decision time. A special output signal, "enable s ta tus" , is available during 
the time in which the conversion is performed. With this signal an exter-
nal sample-and-hold function can be switched from sample into hold mode. 
The aperture jitter of the enable pulse, which switches the sample-and-hold 
amplifier from sample into hold mode, is kept below the theoretical limit 
defined by the resolution and the maximum signal frequency. Then conver
sion starts. Because of the voltage-to-current input mode configuration, the 
input voltage signal is converted into a current by the resistor Rin- An extra 
binary offset current equal to the most significant bit value is available at 

the input of the converter to allow bipolar signals to be converted into offset 
binary output code. 

All circuitry to operate the A / D converter is on chip except the input sample-
and-hold amplifier, filtering capacitors to remove the ripple from the inter-
changing network and gain-setting resistors. 

7.17 Comparator-subtractor circuit 

As already said, a high-speed operational amplifier in the inverting mode 
is used for subtraction of the D / A converter output current from the ana-
log input current. A sknphfied circuit diagram is shown in Fig. 7.26. A 

c/ock 

o COmp. 

C/o D/^ current 

Figure 7.26 : Comparator-subtractor circuit diagram 

wideband feed-forward coupled operational ampfifier with a unity-frequency-
compensated bandwidth of 75 MHz is used. A high-value feedback resistor 
R2 is used to have a large gain around the zero crossing of the signal. Diodes 
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Dl and D2 are connected in parallel with the resistor R2 to prevent large 
output voltage swings, which maybe even larger than the appUed supply 
voltage of the converter, being generated at the output. With these diodes, 
the input voltage excursion remains very small, thus having no Influence on 
the D / A converter performance and the input voltage-to-current transfor-
mation. Speed Hmitations in the system are due to the diode capacitance Cd 
across the feedback resistor R2 and the input capacitance Cin- The output 
capacitance of the D/A converter in this case is the dominating contributor 
to the input capacitance Gin- In practice using a Standard bipolar process, 
a value of approx. 20 pF for Cin is found. The comparator bandwidth with 
a diode capacitance Cd of 2 p F is Umited to about 4 MHz. To make the 
bandwidth of the total system only dependent on the feedback aad load-
ing elcments of the operational ampHfier a minimum compensated unit gain 
bandwidth of 40 MHz is required. With a practical designed limit of 75 MHz 
this demand is easily fulfilled. The output signal of the operational ampÜfier 
is further amplified and then latched into a current mode logic master-slave 
fiip-fiop. This flip-flop converts the comparison information into current 
mode logic levels, which are applied to the successive approximation logic 
to perform the complete conversion cycle. A total average settling time of 
the D / A converter currents of 400 nsec to ± | LSB is obtained with this 
comparator system. The low noise of the filtered bit currents of the D / A 
converter and a low noise design of the operational amplifier keep the total 
noise in the system below -| LSB, which is small enough to obtain a good 
dynamic performance of the converter. 

The low offset voltage of the operational amplifier (below 0.5 mV) does not 

need au extra offset trim of the comparator with sufficiently large input volt

age. An extra current which is equal to the most significant bit current value 

is available at the input of the operational amphfier to allow a bipolar signal 

operation of the A / D converter. 
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7.18 Complete practical A / D converter 

The total A / D converter is implemented using a Standard bipolar technol-
ogy and needs a chip size of 3.5x4.4 mm''. Double-layer metallization sim-
püfies circuit layout and improves performance. A die photograph of the 
chip is shown in Fig. 7.27. In the layout special guard rings are added 
to separate accurate and sensitive analog parts from the digital paxt of the 
circuitrySsupply connections tor the analog and the digital circuit part oi 
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Figure 7.27 : Die photograph of the 14-bit A/D converter 

the system are separated to avoid interference and noise inductions due to 
the operation of the circuit. To operate the converter, a sample-and-hold 
amplifier, a number of résisters and some filtering capacitors are needed. 

7.19. MEASUREMENTS 151 

7.19 Measurements 

An A/D-D/A converter loop has been built to obtain quick and reasonably 
accurate Information about conversion time, linearity, signal-to-noise ratio, 
distortion, etc. of the A/D converter. During dynamic measurements a 
sample-and-hold module with sufficiently high performance is used. Ana-
log low-pass filters have enough stopband attenuation ( ^ 100 dB) to allow 
accurate measurements. In Fig. 7.28 the block diagram of the test set-up 
with the specified measurement Instruments is shown. In Fig. 7.29 the to-

^^out 

distortion 
analysen 

spectrum 
analyser 

Figure 7.28 : A/D converter measurement test set-up 

tal signal-to-noise plus distortion ratio as a function of conversion time is 
shown. During the measurement procedure of this curve only the conversion 
time is changed. All other system parameters are maintained at the basic 
settings. From Fig. 7.29 a conversion time of 7 /i sec is obtained. A loss in 
S/N with respect to long conversion times of 1 dB is used as a test criterion. 
In Fig. 7.30 the sigual-to-noise as a function of ampfitude is shown, whïle 
Fig. 7.31 the signal-to-noise as a function of frequency for various amplitude 
levels is plotted. Additional Information about the performance of the A /D 
converter chip is shown in Table II. 

i-„ 
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7.20 Conclusion 

In this chapter special circuits are presented which make it possible to divide 
currents with a very high accuracy without using accurate elements. The 
method presented uses a combination of a passive divider with a dynaimc 
interchanging method to improve the final accuracy. After removing the er-
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F i g u r e 7 .31 : S/N plus distortion as a function of frequency 
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Analog input 
Minimum conversion time 
Logic input and output levels 
Output data 
Supply voltages 
Power dissipation 
Temp. coef. ref. source 
SIN ratio 

Distortion/in = 1 kHz 
Package 
Chip dimensions 

Mbit j 
± i LSB 
±2mA [ 
7 MS 

1 

TTL compatible 
Serial/offset binary code 
+ 5 V , - 5 V , - 1 7 V 
450 mW 
±0.5 ppm/ Cover 100 C 
84 dB, 
^sample = 44.1 kHz, 
5 = 20 kHz 
<96dB 
40 pins 
3.5 X4.4mm2 

F i g u r e 7.32 : 14-bit A / D converter da ta 
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TOT ripple by simply using low-pass filter structures D/A and A/D converters 
with accuracies from 14 to 18 bits can be designed. The circuits presented 
show a high accuracy and by optimizing the dynamic behaviour of the sys-
tems an overall performance is obtained which is close to the theoretically 
possible behaviour. In practice the Dynamic Element Matching system 
can be extended into generally appllcable systems to obtaln high-accuracy 
integer ratios of currents. These implementations, however, fall outside the 
span of this subject. 
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Chapter 8 

Sample-and-hold amplifiers 

8.1 Introduction 

A samplc-and-hold amplifier is a crucial part of a high-resolution A/D con-
verter system. Overall system performance, such as dynamic range, distor-
tion, and noise, is largely dependent on the sample-and-hold amphfier per
formance. Monolithic verslons of these amplifiers are not widely available. 
A practical example with a 12-bit performance is described in reference [44]. 
This design does not have the performance required in a digital audio system. 
Special optimized verslons which can, for example, be used in high-dynamic-
range digital audio systems with sufficiently low distortion figures are not 
widely available on the market. A bipolar version of a sample-and-hold am
plifier which meets the high demands of digital audio will be described in this 
chapter. See for more informatlon reference [4]. The circuit uses high-speed 
operational amplifiers comblned with a specially designed switchable class-B 
output stage to perform the necessary switching operation. The switch is 
optimized to have a low track-to-hold step. 

8.2 General sample-and-hold amplifler circuit 

A general sample-and-hold circuit diagram is shown in Fig. 8.1. The sys
tem uses two operatlon^ll amplifiers (Ai, A2), two switches (Si, 5*2), a hold 
capacitor C^f and two feedback resistors R. The "hold" part of the sys
tem is formed by amplifier A2 with the hold capacitor Cfj. During "track" 
mode the resistors R perform an inversion of the input signal and apply the 
sampled signal across the hold capacitor C}f. Amplifier Ai decouples the 
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Vin^Z^ 
R 

^ sample 
9^ 

^V, out 

Figure 8.1 ; General samplc-and-hold amplifier circuit 

capacitor Cff from the feedback resistor R thus increasing the bandwidth 
of the system. This amplifier can also supply a large current to charge or 
discharge the hold capacitor CH- In this way a small acquisition time of the 
system is obtained. Switch ^i is used to minimize feedthrough of the input 
signal during hold mode. A low sïgnal feed through is obtained in this way. 
One disadvantage of this system is that the gain of amphfier Ax is not used 
to improve the overall performance of the system. Furthermore the offset 
voltages of both amplifier are additive, as is the voltage drop across the "on" 
resistance of the switch iS'2. This might result in a larger total offset voltage 
and a larger distortion of the system. In the system which will be discussed 
in the following sections some of these drawbacks will be resolved, resulting 
in a high-performance system. 

8.3 Modifled sample-and-hold amplifier 

The modified sample-and-hold amplifier which uses the gain of amplifier Ai 
to reduce offset and distortion is shown in Fig. 8.2. The circuit consists of a 
wideband operational amplifier Ai with feedback network i?3, C2, RA, ^^^ 
an ultra-low distortion amphfier A2 with J-FET input devices. Overall gain 
is determined by the resistors Ri and i22- To obtain a high accuracy (for 
example | LSB of 16 bits), the open-loop gain of the cascaded ampHfiers 
is kept flat over the audio band (20 kHz). To come up with a practical 
circuit solution a second-order roll-ofï of the total open-loop gain is the only 
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Figure 8.2 : Modified sample-and-hold ampUfier 

possibihty. At the point where the open loop frequency charateristic crosses 
the feedback characteristic, this roll-off is changed into a first-order roll-off to 
obtain a stable system. The total open-loop ampfitude response as a function 
of frequency is shown in Fig. 8.3. The gain of amplifier Ai is set at 250 using 
the feedback network i?3, C2, and _R4. The gain of this amphfier is set at 1 
in the frequency range from 5 MHz to 70 MHz. The unlty gain bandwidth 
of this amplifier is 70 MHz. Furthermore this amphfier is connected in the 
non-inverting mode. The open-loop gain of amplifier A2 is set at 1000 using 
an internal feedback loop. The unity gain bandwidth of this amplifier is 25 
MHz. As a result of this operation a total open-loop gain of about 2.5 x 10^, 
which is flat over the audio band, is obtained. 
In the opcrational amplifiers a special feed-forward frequency compensation 

technique is used. 

8.4 Miller integrator frequency-compensation 

When operational arnpHfiers consist of more than one stage, a frequency 
compensation mechanism is needed to perform a first-order overall ampli
tude frequency response. In most cases a so-called "Miller Integrator" com
pensation technique is used. A basic circuit diagram of this compensation 
system is shown in Fig. 8.4. The system consists of two amplifier stages. 
The first stage is a transconductance stage with value gmi. The second stage 
is a Miller integrator which converts the output current of the first stage into 
au output voltage across the compensation capacitor C2. In standard bipo-
lar processes the input transconductance stage consists of a conglomerate of 

11:1 
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Figure 8.3 : Open-loop amplitude response curves 
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Figure 8.4 : Miller integrator frequency-compensation system 

NPN and P N P transistors to combine a de level shift with the transconduc-
tance operation. These P N P transistors are built in a lateral manner and 
thus have a small transition frequency in comparison with NPN devices. As 
a result of this construction the overall frequency response of the operational 
amplifier does not show a first-order ampUtude frequency response. The lat
eral P N P transistors add an extra time constant, which results in the dashed 

8.5. FEED-FORWARD WIDEBAND FREQUENCY-COMPENSATIONl^^ 

line shuwn in Fig. 8.5. In a practical solution using this frequency compen-

A2o9"^iR 

f 

MHz 
A2og^iRi 

Figure 8.5 : Frequency response of a Miller compensated operational amplifier 

satiou method a first-ordcr compcnsated unity gain bandwidth of maximum 
5 MHz is pos.siblc. Howevcr, this bandwidth is not large enough to obtain 
a building block for a digital audio sample-aud-hold amplifier. Therefore a 
special compensation method will be used as described in the next section. 

8.5 Feed-forward wideband frequency-compensation 

A block diagram of the basic fecd-forward frequency compensation technique 
is shown in Fig. S.G. The circuit consists of a voltage amphfier Ai foliowed by 
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Figure 8.6 : Basic feed-forward frequency compensation technique 

a transconductance amplifier with transconductauce of gm2 and loaded with 
the output impedance consistlng of i ï^. If no extra mca.surcs have been taken 
the amphtude frequency response of the system shows at high frequencies a 
second-order roll-off. In stable feedback systems using operational ampHficrs 
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a second-order roll-off is not allowed. To overcome this problem a so-called 
frequency compeusation technique is used which reduces the second-order 
roll-off at high frequencies to a first-order roll-off. Prequency-compensation 
techniques result mostly in a much smaller compensated bandwidth than is 
possible in the basic cascaded two-stage amplifier. The design challenge is 
to obtain a circuit construction which allows the largest compensated band
width possible in a two stage system. 

In the circuit shown in Fig. 8.6 frequency compeusation is obtained usiug the 
capacitor C2. The operation of this compensation technique can be explained 
as follows. At low frequencies the infiuence of the capacitor on the transfer 
function of the total amplifier can be ignored. A maximum open-loop gain 
of Aopenioop = ^10 X 9iT^2 X RL is fouud. Here Aio is the de gain of amplifier 
Al- When the signal frequency increases, the capacitor C2 short-circuits the 
transconductance stage gm2 and apphes the output signal of amplifier Ai 
directly to the output terminal. In this way a first-order araphtude response 
equal to the high-frequency response of ampfifier Ai is obtained. The unity 
gain bandwidth depends on the maximum bandwidth of amplifier stage Ai. 
Note also, that the phase of the output signal of Ai and the phase of the 
output signal of the transconductance stage are the same. Due to the low 
output impedance of Ai, no instability can occur in the transconductance 
stage gm2 with the capacitor C*2 as a feedback element. 
In Fig. 8.7 the amplitude frequency response with an exact frequency com
pensation is shown. A simple calculation gives the following equation for 

A 10 

f 

MHz 
Aio 

Figure 8.7 : Amphtude frequency response with an exact frequency compensation 

L 

the transfer function with fi = ~ where A is the unity gain bandwidth of 
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amplifier Ai : 
v: [ _ AiQgm2i?l,(l +pC2 /gm2) 

' ~ {l-\-pAiori){l-\-pRLC2) 

An exact frequency compensation is obtained when: 

V^ 
(8.1) 

C2l9m2 = AioTiorC2 = 5"^2^ion (8.2) 

Then: 
Vaut Aiogm2RL 

V^ m 1+PRLC2 
(8.3) 

In practicC) capacitor values ranging from 5 to 15 pF are used and a band
width from 10 to 100 MHz with a large phase margin at unity gain can be 
obtained. This circuit, however, does not give the lowest distortion. The rea-
son for distortion is found in the non-fineaj capacitance at the output of the 
transconductance stage. The main part of this capacitance is the coUector-
substrate capacitance of the transistors used in this amphfier stage. This 
non-linear capacitance forms along with the capacitor C2 a non-linear di-
vider at high frequencies resulting in signal distortion. A modification of 
the basic amplifier structure will be shown in the following section. First a 
practical example of the simple system will be shown. 

8.6 Practical compensated amplifier 

A simplified circuit diagram of a practical feed-forward frequency-compensated 
operational aniplifier is shown in Fig. 8.8, In the input stage with transistors 
Tl and T2 a resistive load consisting of resistors Ri and R2 is used to obtain a 
low-noise performance. Emitter foUowers T3 and T4 are further incorporated 
to obtain the low output impedance needed for frequency compensation. The 
lateral P N P transistors Ts and TQ with the emitter degeneration resistors R^ 
and i?5 and an active load consisting of Tj and Tg form the transconductance 

stage. 
The capacitor Ci short-circuiting the transconductance stage at high fre
quencies gives the necessaxy frequency compensation. An additional advan-
tage of this method of compensation is the low output noise of the total 
system at frequencies above the unity gain bandwidth of the amphfier. The 
emitter foUower T9, which is normally a class-B output ampHfier, matches 
the amplifier output impedance to the externally applied load. 
Measurement results of amplitude and phase on a practical integrated am
plifier are shown in Fig. 8.9. A phase margin of 45° at unity gain frequency 

m\ 
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Figure 8.8 : Simplified circuit diagram of a feed-forward frequency-compensated 
operational amplifier 

is found. The bump in the amplitude curve is due to the combination of a 
low transition frequency of the lateral P N P transistors and the high takeover 
frequency of the capacitive feed-forward compensation, thus leaving a void in 
between. This high frequency has been chosen to avoid slow-setthng parts 
m the pulse response of the amphfier due to inaccuracy in the frequency 
compensation clements. In the final sample-and-hold appHcation which uses 
this amphfier a negligible effect on the total performance is found. 

8.7 Low-distortion frequency-compensation 
I 

The block diagram of the low-distortion feed-forward frequency compen
sation is shown in Fig. 8.10. The system consists of a voltage amplifier 
Al foliowed by a transconductance stage gm2 with load résister RL and the 
output voltage amphfier A3. Frequency compensation is performed using ca-
pacitors C2 and C3. The operation of the circuit can be explained as follows. 
At low signal frequencies the influence of the frequency-compensation capac-
itors C2 and C3 on the transfer function of the amplifier can be neglected. 
The overall de voltage gain then becomes: Aopenloop = •Aio5"^2-R£^30- Since 
the amplifier A^ with the capacitor C3 operates as a Miller integrator, the 
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Figure 8.9 : Ampfitude and phasc measurement results of a practical amplifier 
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Figure 8.10 : Low-distortion frequency-compensation diagram 

output current of the transconductance stage gm2 is converted into a voltage 
across C3. At the same time, however, the capacitor C2 short-circuits the 
transconductance stage and forms with C3 and A3 an inverter stage with a 
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gain equal to the ratio between C2 and C3. Due to the Miller integrator, a 
low distortion is obtained because the maximum output voltage swing has 
to be generated only at the output of A3. The frequeucy response of an 
exactly frequency compensated operational amplifier is shown in Fig. 8.11. 
The transfer function of the amplifier can be caJculated and the result of 

AioAaogmjR 

A 10 
f 

MHz 
Aio 

Figure 8.11 ; Amplitude frequency response of an exactly compensated amplifi er 

this calculation is: 

K out 

V; zn 

-^10 A3Qgm2RL{l + PC2/91712) 

(1 +pAioTi){l -\-PRL{C2 + (1 + A3o)C3)) 
(8.4) 

An exact frequency compensation is obtained if: 

^ l o n = C2/gm2 or C2 = Ai(igm2Ti. 

In that case the transfer function of the operational amplifier becomes: 

(8.5) 

V. out AiQA^Qgm2RL 
Vin 1 ^PRLC2{1 + (1 + ^30)^3/^2) • 

(8.6) 

When the value of the capacitor C2 is made equal to the value of C3 then 
an optimum in overall bandwidth is found. 

8.8 Practical low-distortion amplifier 

The simplified circuit diagram of a low-distortion feed-forward frequency-
compensated operational amplifier is shown in Fig. 8.12. Compared with the 
circuit diagram of Fig. 8.8, the Miller amplifier stage consisting of transistor 
Ï9 and capacitor C2 is added. Amplitude and phase measurements of a 
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Figure 8.12 : Practical low-distortion operational amplifier circuit 

hl! 

practical integrated amplifier are shown in Fig. 8.13. In this amplifier the 
phase margin at a unity gain frequency of 27 MHz is 35°. A practically ideal 
first-order amplitude frequency response is obtained in this circuit. 

'^1 

8.9 Class-B output stage 

In wideband operational amplifiers wideband output stages are required. 
Standard complementary NPN-PNP output stages cannot be used because 
of the frequency limitations found in the lateral PNP transistors. An all-
NPN class-B output stage must be designed to overcome this problem. An 
example of such a circuit is shown in Fig. 8.14. From Fig. 8.14 it can be seen 
that transistors Ti and T3 are the output devices which deliver the output 
signal to the external load. Most class-B stages contain a contrei loop which 
adjusts the quiescent cvurent and apphes the proper signals to the bases 
of transistors Ti and T3. For this purpose, transistors T2 and T4, T5 are 
added. The bias current flowing through the output transistors is sensed by 
transistors Ti and T2. The sum of the base-emitter voltages of Ti and T2 
is now compared with the sum of the base-emitter voltages across T4 and 
T5. As a result, the collector current of T5 is a measure of the bias current 
fiowing through Ti, T2, and T3. The collector current of T5 is compared to 
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Figure 8.13 : Amplitude and phase measuremcnts of a low-distortion operational 
amplifier 

the reference current Ij-^f, and the lateral PNP transistor TQ supplies base 
current to transistor T3 until a stable operating point is obtained. 
The class-B circuit operation is obtained as follows. Suppose an input source 
is connected to the Vin terminal and a load resistor Ri is connected to the 
output terminal. With a positive-going input signal, Ti acts as an emitter 
follower that supplies current to the load resistor. The increase in collector 
current corresponds to an increase in the base-emitter voltage of transistor 
Tl. Using the control condition, which was needed to obtain a stable bias 
current stabilization: 

Vbel + Vbe2 = Vte4 + VbeS, (8.7) 

it can be shown that the increase of Vbei, results in an increase of Vbe4 and 
Vbe5, thus giving an increase in the collector currents of T4 and 75. More 
current is subtracted from the reference current 1^^/, causing a decrease in 
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Figure 8.14 : All NPN class-B output stage 

the collector currents of TQ and T3. 
When a negative-going input signal is applied, the coUector current of Ti 
decreases. At the same time, the collector current of T5 decreases and more 
current is apphed to TQ. As a result the base current of T3 increases resulting 
in an increase in the collector current of this transistor. The output signal 
is brought down by transistor T3 to the negative supply voltage. 
At high frequencies the frequency response of the PNP transistor is elimi-
nated by a feed-forward coupling using R^ and Ci- A bandwidth up to 100 
MHz is obtained with this output stage. It can be designed to supply output 
rnrrpnts with p TTiaYimuni valuc of 100 mA. 

8.10 Switchable class-B output stage 

A class-B output stage which can be switched on and off is showTi in Fig. 
8.15. To obtain a switching operation in the class-B output stage a differ-
ential amplifier stage consisting of transistor Ty and Tg and the resistors Ri 
and i?2 are added to the circuit diagram of Fig. 8.14. The operation of the 
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t. 

Figure 8.15 : Switcliable class-B output stage 

circuit can be explained as follows. When transistor T7 is switched on and 
the voltage drop across Ri is zero, then the normal operation of the class-B 
stage as explained in connection with Fig. 8.14 is obtained. The circuit is 
switched into the ofF-mode when transistor Tg is conducting. Across resistor 
Ri a voltage drop equal to a diode voltage is generated. The resistor R2 
reduces the voltage drop across transistor T^ to zero. In this way, the base-
emitter voltages of transistors Ti and T2 are made zero and no conductance 
is possible. The transistor loop consisting of T3, T4, and TQ, however, re-
mains active irrespective of the switching condition. The leakage current of 
the switch can be made very low, while capacitive feedthrough is compen-
sated by equal voltage swings across the base-emitter junctions of transistors 
Tl and T2. The voltage comphance of this switch, however, is small. The 
reverse biasing of the switching transistors equals about one diode voltage. 
Therefore only a voltage compliance between 200 mV and 500 mV is allowed 
at the output of the switch. To overcome this problem the switch is operated 
at, for example, an inverting input of an operational amplifier. It is known 
that at these input points a small voltage variation, well below the required 

range by the switch, is found. With special circuit configurations, however, 
it is possible to operate this switch in a non-inverting sample-and-hold mode. 

8.11 Complete sample-and-hold amplifier 

The complete sample-and-hold amplifier is incorporated on a 1.5x2.5 mm 
chip using a standard bipolar techaology with double-layer interconnect. In 
this chip all capacitors used in the circuit consist of the capacitance between 
the two interconnect metal layers. A very linear capacitance-voltage charac-
teristic is obtained in this way. Because of this construction these capacitors 
require a large part of the chip area. With a special process option using 
thin oxide/nitride layers a much larger capacitance per unit area can be ob
tained. In such a process the size of the compensation capacitors can be 
reduced and the "Hold" capacitor can also be put on the chip. 

8.12 Measurements 

The result of a signal-to-noise measurement as a function of ampHtude is 
shown in Fig. 8.16. The acquisition time of the circuit is performed by using 
a full-scale input signal of 19 kHz. The sampling frequency is kept constant, 
while the hold time is varied in this mectsurement. The measurement results 
are shown in Fig. 8.17. A photograph of the hold-track-hold operation 
of the circuit is shown in Fig. 8.18. The input frequency is taken at one 
quarter of the sampling frequency to obtain a stable picture. In Table I the 
measurement results of the total system are shown. A die photograph is 
shown in Fig. 8.20. 

8.13 Conclusion 

Using special feed-forward frequency compensation techniques for multi-
stage operational amplifiers and an aU-NPN switchable class-B output stage, 
a high-performance samplc-and-hold amplifier can be designed for 16-bit 
digital audio systems. A further advantage of the frequency compensation 
method used is the low output noise of the compensated amplifiers for fre-
quencies above the unity gain bandwidth of the amplifiers. The application 
of resistive loads in the input stages in comparison with active loads us
ing current mirrors improves the low noise specification of the system. The 
system can be designed in a so-called bipolar-fet process. The fet devices 
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Figure 8.16 : Signal-to-noise measurement as a function of signal amplitude 
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Figure 8.17 : Acquisition time measurement result 
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are used in the hold amplifier fco obtain a low input bias current. Today, 
however, bi-MOS technologies, which combine bipolax devices with MOS 
devices can be used advantageously in a sample-and-hold amplifier. The 

Figure 8.19 : Sample-and-hold amplifier measurement data 
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Figure 8.20 : Die photograph of sample-and-hold amplifier 

relatively large gain in the first amplifier stage reduces the inherently large 
low-frequency noise of the MOS devices with respect to the input terminal 
of the sample-and-hold amphfier. Furthermore, the lateral P N P transistors 
which are used in the level shift can be replaced by p-MOS devices, which 
show a bettei frequency characteristic than these devices. 

.1 , 

Chapter 9 

Voltage and current 
reference sources 

9.1 Introduction 

In A /D and D / A converters the full-scale value is determined by the refer
ence source. A lo"vvnoise and low temperature coefhcient of the output signal 
of the reference source is very important for high-resolution, high-accuracy 
converters. A well-known device for stabilizing a reference voltage is a zener 
diode. In integrated circuitSj however, the zener diode can cause problems 
with the reliabihty of the circuit. In modern technologies it is not always 
possible to reverse-bias the emitter-base junction of a transistor to obtain 
a zener diode operation. The yield of circuits is reduced by reverse-biasing 
transistors. Today's reference sources are built using the bandgap voltage 
of silicon as a low-temperature dependent reference voltage. In this chapter 
different circuits will be described which use the bandgap principle to sta-
bilize a voltage or a current. Examples of bandgap reference voltages are 
given in references [45,46,47]. 

9.2 Basic bandgap reference voltage source 

The basic bandgap voltage stabilizer is shown in Fig. 9.1. It consists of a 
current source with a well-determined temperature relation, a resistor R and 
a transistor which is switched as a diode. The output voltage of the system 
is generated across the resistor R and the transistor Ti. The temperature 
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Figure 9.1 : Basic bandgap voltage reference source 

dependence of the current source IT is given by: 

1 dlr 1 

IT dT T 
(9.1) 

The output voltage of the system which is made nearly temperature inde
pendent is given by: 

Vaui = RxlT + Vk,. (9.2) 

In the following simplified analysis we suppose that the base current of the 
transistor can be ignored with respect to the collector current. This sim-
plification does not change the results considerably and makes it much eas-
ier to undeistand the operation of the system. The basic idea behind the 
bandgap voltage stabiUzation is the following: With increasing temperature 
it is known that the base-emitter voltage of a transistor decreases with in
creasing temperature. At the same time, the positive temperature coëfficiënt 
of the current source Jy generates a voltage across resistor R which increases 
linearly with temperature. The output voltage of the circuit can be adjusted 
to a value which is nearly equal to the bandgap voltage of silicon. The de-
crease in base-emitter voltage in that case is compensated by the increase in 
the voltage across the resistor R. i 

It is known that for a bipolar transistor the following equation is valid for 
the relation between collector current and base-emitter voltage: 

-̂ c = /o(expfcT^'"= - 1 ) . (9.3) 
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/o is the base-emitter reverse current. The temperature relation for IQ can 

be expressed in the following parameters: 

IQ ^CT"" x e x p " ^ . (9.4) 

In equation 9.4 the value of Vg is given by the bandgap voltage of siUcon 
which is equal to 1.208 V. In silicon n is approximately 1.4 and C is a 
constant depending on the size of the device. 
If we assume that exp'fc^^''" > 1, then we can approximate equation 9.3 and 

equation 9.4 by: 
J ^ - C r " e x p ^ f ^ ' ' ^ " " ^ « ^ (9.5) 

Aftei differentiation of equation 9.5 with respect to temperature we obtain: 

dl^ - CnT''-^ expï^^^"^-^^^ dT -

CTr^,,^Mv.-v.) ^jy^lzM^S ^ 
kT T 

Cr^-^exp^f^ '-^-^^^tfFfc,-
kT 

(9.6) 

This equation can be simplified using the expression given in equation 9.5 

We obtain after the insertion: 

n Vbe - V, 
dl^ = ^hdT - p ^ l ^ ^ d T + ^LdV,.. (9.7) 

With a neghgible base current of the transistor the collector current variation 
now equals the variation of the current source IT- Inserting equation 9.1 
into equation 9.7 we end up with the following relation for the temperature 
dependence of the base-emitter voltage of the transistor: 

dVbe k . Vfce - Vg 
^ = - ( l - n ) + - ^ ^ 

(9.8) 

The temperature relation of the output voltage Vaut can be expressed in the 
following terms supposing that R is temperature-independent: 

dVout j.dh , dVb. 
dT dT 

(9.9) 

Inserting equation 9.1 and equation 9.8 into equation 9.9 results in, after 

rearrangement of the terms: 

dV out h x R , fc,-, „X I Vbe-Vg (9.10) 
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The output voltage of the reference source can be adjusted in such a way 
that at T = TQ the temperature coëfficiënt of the reference source ^^ = 0. 
The following value foi the output voltage at T = TQ is obtained: 

Vaut{atT = To) - Vben + ^ToR =Vg-
^TQ . 

( 1 - n ) . (9.11) 

The reniarkable point is now obtained that at T = Tg the temperature 
coëfficiënt of the output voltage is zero. The temperature dependence of 
the output voltage can be calculated. By substituting equation 9.11 into 
equation 9.10, the following result is obtained: 

k T ^ - ö ( ^ - " ) ( ^ - ^ ) - (9.12) 

This equation shows that there is a change in sign of the temperature coëf
ficiënt of the output voltage around T = TQ. 
After integration of equation 9.12 we obtain an expression for the output 
voltage of the bandgap reference source as a function of temperature T. The 
integration and substitution of the boundary conditions result in: 

Voui{T)=V,^\T(\-n){l~\i.^). (9.13) 

The expression given in equation 9.13 represents a paraboUc temperature 
dependence around T = TQ. The temperature dependence of the reference 
source as expressed by equation 9.13 is calculated and the result is shown in 
Fig. 9.2. 

9.3 All-NPN bandgap voltage reference source 
1 

In Fig. 9.3 a practical example of a voltage reference source which uses 
only NPN transistors is shown. The circuit consists of a cross-coupled quad 
transistor unit Ti, T2, T3, and T4 and the current-converting resistor Ri. 
Transistor Ti has a p times larger emitter area than the other three transis
tors in the quad. Via Resistor R2 a current from the supply source is applied 
to the circuit. Resistor R^ is added to obtain an adjustable output voltage. 
Transistor T7 acts as a buffer device and results in a smaller current varia-
tion through resistor R2 with supply voltage variations (Vcc)- Transistors TQ 
and T5 are added to obtain a compensation for supply voltage dependence 
of the output voltage Vout- The operation of the system will be explained 

Vaut 
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-2.3988 
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Figure 9.2 : Temperature dependence of a bandgap reference source 
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Figure 9.3 : All-NPN bandgap voltage reference source 

as foUows. The current flowing through transistors T4, Ti and Ri can be 
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expressed in the foUowing parameter of the quad unit: 

IRI = 
kT 

qR 1 
ln(p). (9.14) 

Equation 9.14 shows that basically the current is supply-voltage-independent, 
however, the output voltage at the collector of T^^ shows a variation which 
contains a supply voltage dependence. This can be explained by the fact 
that the output voltage at the coUector of T4 equals VJ,e4 -{-Vbe2- The current 
through transistor T4 is well stabilized at a value given by equation 9.14 so 
the base-emitter voltage of this transistor is independent of the supply volt
age variation. The current through transistor T2, however, varies with the 
supply voltage. Therefore the base-eniitter voltage of this transistor shows 
a supply-voltage-dependent part . To the output voltage at the coUector of 
T4 a value equal to: 

Ki q (9.15) 

is added. As can be seen from equations 9.14 and 9.15, the temperature 
dependence of the current Ijn is Unear with T and thus the voltage drop 
across i?3 increases linearly with increasing temperature. 
Now transistors T5 and Tg are added. Transistor T5 is connected in parallel 
with transistor T2 and forms a current mirror. As a result, the current 
through Ï5 varies exactly in the same way as the current through transistor 
T2. This current flows through transistor Tg too, and therefore the voltage 
variation of the base-emitter voltage of Tg is identical to the base-emitter 
voltage variation of transistor T2. The voltage variation across transistor 
Tg is subtracted from the voltage developed across T2 and r4 . Therefore 
the voltage variation at the emitter of transistor Tg is zero. At the output 
terminal marked Vout^ a voltage equal to the base-emitter voltage of Ï4 plus 
the voltage drop across resistor R^ is obtained. When this output voltage 
is adjusted to the value given in equation 9.11 a temperature dependence 
equal to a bandgap voltage source is obtained. This circuit does not contain 
P N P transistors and is therefore very suitable for use in integrated circuits 
which use special high-frequency processes. (See [48]). In these processes 
mostly lateral P N P transistors with poor de and high-frequency performance 
are available. The temperature dependence of the résisters Ri and R^ is 
cancelled provided that the temperature coefEcients of the resistors Ri and 
R^ are equal and have a goed thermal tracking. 

i 
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9.4 Bandgap reference current sources 

A simplified circuit diagram of a reference current source is shown in Fig. 
9.4. It censists of transistors Ti , r2 , with the volt age-te-current converting 

I rer, 

Figure 9.4 ; Basic reference current source 

résister Ri. An operational amphfier AQ with the resistors R controls the 
current in transistors Ti and T2 in such away that equal currents will flow 
through these transistors. The resistor R2 is added for temperature com-
pensation and gives an identical temperature dependence, as is the case with 
the bandgap reference voltage source. This will be explained later on. 
Transistor Ti has a p times larger emitter area than transistor T2. Wi th 
equal collector currents flowing in Ti and T2, the following expression for 
the current flewing through Ri is found: 

Im = ^Hp). (9.16) 

As can be seen from equation 9.16, the currents through Ti and T2 are lin
early dependeut on the temperature T. 
New résister R2 is added to the circuit. The current through R2 then be-

cemcs: 

ÏR2 = 
Vi 6e2 

R2 
(9.17) 
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With increasing temperature it is known that the base emitter voltage of 
a transistor decreases. As a result, the current through resistor R2 wiU 
decrease. As already stated before, the currents through Ti and T2 will 
increase wïth increasing temperature. The resistor value of i?2 can be chosen 
in such a way that the increase in current flowing through Ti and T2 is 
cancelled, by the decrease in the current fiowing through R2. In this way 
a temperature independent current source is obtained. Furthermore, the 
operational amplifier AQ can be constructed in such a way that it uses only 
currents which flow through R2, Ti and Ï2 . 

The value for which an exact compensation of the temperature coefficients 
of the currents occur can be calculated. The result of this calculation, which 
is identical to the calculation given in the basic bandgap voltage reference 
source, is shown. We obtain: 

kT, 
^2 = (l^, + — ( n - ! ) ) / / , , ƒ . (9.18) 

Moreover, the gencrated current reference Jre/ shows the same temperature 
dependence as the bandgap reference voltage. The output current of this 
reference source becomes: 

/ . . = | + ^T(n-l)i-(l-ln|). (9.19) 

9.5 Practica] reference current source 

In Fig. 9.5 an example of a practical implementation of a reference current 
source is shown. In this system the operational amplifier is replaced by a dif-
ferential pair, T^, and, T^ with a P N P current mirror consisting of T^.TQ, and 
Tj. A Darhngton stage, Tg and Tg, controls the current through the resistors 
R. An additional resistor i^s is added to the circuit to obtain a "start ing 
condition" under all circumstances. The resistor R^ supplies current into the 
circuit and in this way prevents "zero current" from being a solution to the 
equations too. The zero solution is not a desired solution. Re is an extra 
temperature-compensation resistor which is process-dependent and can give 
an extra second-order temperature compensation. The advantage of this 
type of current source is that the current which flows through the "bot tom" 
is the same as the current which fiows in the " top" of the circuit. Therefore, 
this current source can be included in the reference loop of an A / D or D / A 
converter, to generate at one side the most significant bit current, while at 
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Figure 9.5 : Practical reference current source 

the other side this current can be divided in the binary division stage to 

obtain a binary-weighted current netwerk. 

9.6 Second-order temperature compensation 

Up till now all described reference sources show a parabolic temperature 
dependence. In high-accuracy converters this temperature dependence is too 
great to keep the absolute accuracy within the size of the least significant bit. 
An additional temperature compensation is therefore needed to overcome 
this problem. In Fig.9.6 an example of a reference current source with a 
second-order temperature compensation is shown. The main stabilizer core 
consists of transistors Ti and T2 which have a p times larger emitter area 
than transistors T3 and T4. Resistor Ri is used to couvert the base-emitter 
voltage difFerence into a current. The operational amplifier GA with the 
resistors R forces equal currents to flow through transistors Ti , r 2 , ^ 3 , ̂ 4 and 
the resistor Ri. The resistors R2, R3 and transistor T5 are added to obtain 
the bandgap current stabilizer with second-order temperature compensation. 
The output current lont m the bot tom part of the circuit is identical to the 
current which flows in the top part of the circuit. The relation between the 
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Tl 

L 

Figure 9.6 : Current reference source with second-order temperature compensation 

circuit parameters and the temperature dependence of the reference current 
source will be calculated. The following equations will be used: 

lout = 2/i -hh + h 

IiRi = 2 - r i n p 
Q 

I2R2 = 2-Tln^ 

hR,=2^T\n^-^Tln^. 

(9.20) 

(9.21) 

(9.22) 

(9.23) 

During the calculation we suppose that all transistors are equal, i.e. all 
emitter-base reverse currents i(j are equal. Furthermore equations 9.3 and 
9.4 will be used to calculate the temperature dependence of the current 
source. 

To obtain analytical expressions for the values of resistors i^i, i?2, and R2 
we have to solve the equations with the requirement that at T = TQ, ^^°'^^ 
= 0. After differenfciation and substitution we obtain; 

dT 

dl out 

dT 
hui _ Vg r 2 
rp rn \ 

T'R-y R ^h~ 
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k _ 2 1 Vg-hR3{n-l) 

q^"" ^^R2 R, {^T + hR,){n - 1) ) • 
(9.24) 

In this equation a Hnear temperature relation is shown in the first part, 
while in the secoud part a non-linear temperature dependence is shown. 
This non-linear temperature relation introduces the already shown parabolic 
temperature dependence of the output current. However, in working through 
the equations a relation between the resistors R2 and R^ is found which can 
be adjusted in such a way that the parabolic temperature relation is cancelled 
out. When at T = TQ the non-linear term is made zero we obtain for the 
ratio between R2 and Rs' 

ël 
R3 

k 
2(n^l)(73oi?.3 + ^ro 

Vg-hoRzin-l) ) • 
(9.25) 

/3Q is the current value of I-i^tT = TQ. At the same time the output current 
of the circuit at T + TQ can be found from the following equation: 

^ - = ^^(ï^ + iÏ3)-
(9.26) 

This result show a basically "ideal" bandgap reference source. The voltage 
drop across resistor i?3 which is equal to I^R^ is close to the value of abase-
emitter voltage of a transistor. This value is much larger than ^T. Therefore 
equation 9.25 can be approximated by: 

-R2 

R3 
r \ j 

2 
Vr 

{n-l)hQR3 - 1 
(9.27) 

This ratio between R2 and R3 is obtained at the temperature T = TQ. The 
output current of the total system can be obtained by integrating equation 
9.24. This not possible without applying some simplifications. Therefore we 
suppose that for temperatures which do not differ too much from T = TQ 
the non-linear term 

K _ . w 2 1 Vg-hRzjn-l) 

g^" ^^R2 Rs i^T + hR3){n ^ 1) 
) 

(9.28) 

is a constant. 
The output current then becomes: 

-̂ = ̂ «(| + i^ + J(" - l ) x 
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,2 1 Vg- l3oR.3{n - 1) 

^2 ^3 (f To + hoR3){n - 1) 
)x 

( 1 -
T 

-'o 
(9.29) 

When the value of the resistor R^ is made infinite, a well-known circuit 
configuration a^ shown in Fig. 9.3 is obtained. The output current in the 
case oi R^ —^ oo becomes: 

-̂ = ̂ 4 + ̂ ("-̂ )̂ ^ -̂i4)- (9.30) 

Because two base-emitter voltages are connected in series, a factor 2 in out
put current vahie with respect to the value predicted by equation 9.19 is 
obtained. 

A second important Hmit is obtained at the moment the value of the resis
tor i?2 -^ oo. In that case a paraboUc temperature which is opposite with 
respect to the curve shown in Fig. 9.2 is obtained. The output current in 
this case becomes: 

i„„, = ^,i-_|r(„_i)J_(,_i,|). (9.31) 

When at T = To the ratio between R2 and R^ is chosen as given by equation 
9.27, then an exact relation for the output current is not available. The 
estimate shows that the canceUation of the paraboHc temperature relation 
must occur. A computer analysis of the basic equation gives the best results. 

9.7 Reference current source measurements 

A practical current source as shown in Fig. 9.5 is integrated in an A / D con-
verter chip. Measurements have been performed to verify the formulas given 
above. The very low temperature dependence of this reference source makes 
it difficult to obtain accurate measurement results because the stabihty of 
this source is in the same order as the stabihty of the reference sources used 
in digital voltmeters. In Fig. 9.6 the measurement results with an optimum 
resistor setting and the two extremes are shown. It is cleax that the above 
equations predict the temperature dependence of the reference source rather 
well. A detailed measurement result, which shows the optimum compen-
sation situation of the reference source is shown in Fig. 9.8. . The result 
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Figure 9.7 ; Measurement results of a reference current source 
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Figure 9.8 : Detailed measurement result of the reference current source 

shown in Fig. 9.8 indicates that over a temperature change from -20*' to + 
85° C, a maximum change of ±50 ppm is attainable. Hysteresis effects over 
a temperature cycle are very small, < 10 ppm. A temperature coëfficiënt 
of ±0.5 p p m ^ C is obtained over the given temperature range. The output 
current of the reference source is 2 mA. 
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9.8 Noise of a bandgap reference current source 

When reference current sources are applied in A / D converters, it is very 
important to know more about the noise behaviour of this source. The 
bandwidth of comparators is much hïgher than the analog bandwidth which 
must be converted. Therefore, in high-resolution A / D converters the refer
ence source might hmit the maximum resolution of the converter. To obtain 
an impression of the maximum resolution which can be obtained the current 
noise of the reference source shown in Fig. 9.4 is determined by computer 
simulation. When the value of the output current equals 1 mA, then the 
output current noise density with transistor sizes for which the internal base 
resistance Rbb <C — tends to reach Inoiae = ^OpA. Supposing that the 1 

mJ 

mA output current is the value of the most significant bit of the converter, 
then an rms value for a sine wave which fits the full-scale value of the con
verter equals .7 mA. The signal-to-noise ratio of the current source can be 
calculated. We obtain: 

L; 
S/N = 20 X log-^^^^. 

l 
(9.32) 

notse 

Inserting the values given above results in: S/N = 147 dB root Herz. Over 
a bandwidth of 20 kHz a value of 104 dB is found. 
The same calculation is performed for a current source built up according 
to Fig. 9.6. The output current is adjusted to 1 mA. In this case the noise 
current equals 23 pA. Signal-to-noise is calculated in the same way. The 
result becomes: S/N = 150 dB root Herz, giving over a bandwidth of 20 
kHz a value of 107 dB. 
The doubhng of the voltage drop across resistor Ri improves the noise per
formance of the reference current source by 3 dB. A further decrease in noise 
could be obtaine by increasing the voltage drop across resistor Ri. Such a 
configuration, however, leads to an impractical circuit solution because of 
the cascoding of a large amount of transistors requiring a large supply volt
age. 

From the noise analysis it is found that most noise contributions come from: 
resistor i?i, transistor T2 and transistor Ti. Further noise additions are small 
and can be ignored. It must be noted furthermore that the equivalent input 
voltage noise of a transistor is: 

e?^, = ikT{Rbb + 
1 

2gm 
) A / . (9.33) 
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As a result an increase of the reference current by a factor two results in 
a decrease in noise current by \ /2 or 3 dB. The base ro>:istors of the tran
sistors must be small with respect to — to validate this statement. The 
signal-to-noise ratio of the system of Fig. 9.6 amounts to 110 dB over 20 

kHz bandwidth. 
The noise bandwidth of the current source can be reduced by inserting a ca-

pacitor across the collector-base junction of transistor T3. The noise reduces 

by a factor ten for frequencies above f band = 2-KRC-

9.9 Conclusion 

In integrated circuits accurate and stable reference sources can be designed. 
These reference sources use the bandgap of silicon as the reference volt
age. This bandgap voltage is nearly temperature-independent. Therefore 
reference sources which use a second-order temperature compensation with 
tcmperature coefficicnts below 1 ppm/degree C can be built. The noise per
formance of bandgap circuits is good, but improvements are stiU necessary to 
be able to apply these reference sources in wideband, high-resolution A / D 
converters. The signal-to-noise ratio of the described reference sources is 
adequate for apphcations in 16- to 18-bit D / A converters in digital audio 
systems without the need for additional filtering. 
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Chapter 10 

Conclusions 

Although conclusions can be found at the end of every chapter, it is impor
tant to express the final conclusions and remarks in a separate chapter. 

] 

When converters are applied in signal processing systems of which the sig-
nal spectra are not exactly known, it is very important to include high-
performance input and output filters to prevent aliasing in the case of A/D 
converters and to prevent overloading or mixing in post-ampHfier stages in 
the case of D/A converters. The stopband attenuation of these filters must 
under worst case conditions be at least equal to the resolution of the con
verters. Many times larger stopband attenuations are required to minimize 
the reduction in dynamic range of the converter system. When subsampling 
is used to increase the resolution of a converter system, the stopband atten
uation must at least be increased by a factor equal to the gain in resolution 
due to this oversampling. In most cases a much larger stopband attenuation 
is used to optinaize the resolution gain. 

Noise in the input circuits of A /D converters must be low and the compara-
tor bandwidth reduced to the minimum required for accurate conversion to 
reduce the folding back of the noise spectra by the sampling operation. 

DC specifications allow a good qualification of converters in very low fre-
quency applications. The Introduction of digital audio and digital television, 
however, calls for stringent dynamic performance criteria. The definition of 
the signal-to-noise ratio of a converter defined over half the sampling fre-
quency proves to be an excellent qualification figure. Non-linearities and 
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non-harmonic distortion products can be included when the definition is en-
larged to incorporate signal-to-noise plus distortion ratio. The influence of 
glitches occuring in D / A converters is also included. This latter definition 
gives the best possible qualification for converters. 

A second parameter which determlnes the maximura ananlog bandwidth of 
a converter is obtalned by defining the Effective Resolution Bandwidth. 
This bandwidth is determined by the signal-to-noise plus distortion ratio a5 
a function of frequency. The analog bandwidth is defined when a decrease 
of 0.5 least significant bit with respect to the low-frequency performance is 
obtained. This definition gives an excellent comparison figure for high-speed 
parallel-type A / D converters. Specifications of these converters at high fre-
quencies are mostly not given. In many cases the maximum clock frequency 
is much higher than the analog frequency, at which a decrease in resolution 
of 0.5 least significant bit is found. 

Most DC measurements can be performed with automatic test equipment. 
The accurcy of the equipment today is so high tha t qualifications of 18-bit 
converters up to one tenth of an LSB are possible. Dynaniic performance 
tests are more difficult. Therefore digital signal sources and digital distor
tion ajianlyzer equipment must be used to prevent one of the "reference" 
clements in an A / D - D /A test loop influencing the test results. 

High-speed converter tests can be performed by using subsampling tech-
niques. Care must be taken to ensure that due to the subsampling no corre-
lation exists between the input test signal and the sampling frequency. This 
means that the quantization errors are randomly distributed across the ana
log signal band. With subsampling testing it is more difficult to recognize 
the different distortion components which may appear in the output spec
trum. 

The folding techniques described are a good compromize between circuit 
complexity, power dissipation and chip area. During the development of dif
ferent types of folding converters it was found that the use of a quantized 
second (fine) converter stage introduces accuracy and matching problems. 
The modification of a folding converter by adding an interpolation stage re-
quires only zero-crossing determinations in the second stage. This accuracy 
problem could be solved easily. Very high-speed converters with large ana-' 
log bandwidths are possible with this latter circuit technique. Interpolation 

reduces the number of input amplifier-comparator stages. This results in a 
lower input capacitance and lower dissipation. The resolution of these types 
of converters can be increased without a large increase in chip size and power 
consumption. 

To obtain an accurate design and optimization model, the non-linear delay in 
amplitude-hmited differential amplifiers was intensively studied. The result 
of this study are a high-level description model and design curves showing 
the relation between the maximum analog bandwidth and the amplifier-
comparator bandwidth of the converter. This model shows furthermore that 
the limitation of parallel-type converters is determined by third-harmonic 
distortion introduced at the high-frequency analog input band. This dis
tortion dominates the quantization noise at high frequencies. The analog 
bandwidth is determined as the frequency at which the signal-to-noise plus 
distortion ratio is reduced by 0.5 bit compared to the low-frequency param
eter. 

High-accuracy converters basically need a high division accuracy in the bit 
weights. In standard integrated circuit technologies this leads to converters 
with accuracies between 10 and 12 bits. Trimming techniques can be em-
ployed, but for the accuracies needed in 16- to IS-bit converters the stability 
and stress sensitivity of such a solution calls for trimming of the devices in 
the packages. Such an operation is very costly. Moreover, the accurately 
tr immed devices show a long-term drift which influences the final accuracy. 
The technique introduced of Dynaniic Element Matching overcomes nearly 
all the above-naentioned problems. This system combines an accurate pas-
sive division with a dynamic interchangiug system. The final accuracy is 
determined by the product of two errors, which results in a very small over
all error. Applications of this technique are employed in 14- and 16-bit D / A 
converters and in a 14-bit A /D converter based on successive approximation. 
The given solutions are implemented in a bipolar technology. The introduc-
tion of combined bipolar-MOS technologies (BiCMOS) makes it possible to 
improve the systems and increase the linearity to 18 to 20 bits. Furthermore, 
the basic "hold" operation which is possible in MOS circuits can be used to 
calibrate currents. No external filtering capacitors are needed in such a cir
cuit configuration. 

The Dynamic Element Matching technique is not limited to high-accuracy 
weighting for D / A converters. Other possibilities already exist and are, for 
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example, a progranamable current source for resistance measurements in au-

tomatic digital multimeters. 

Sample-and-hold amplifiers are important in the conversion of dynamic sig-
nals with slower converters. One example is the successive-approximation 
algorithm which is mostly used in high-accuracy A / D converters. At the 
sample moment an accurate sample is taken and kept constant during the 
conversion time. The availability of high-accuracy, high-rcsolution sample-
and-hold amplifiers on the market is very limited. The described circuit 
uses a bipolar-J-FET technology to minimize leakage currents during the 
hold mode. Wideband frcquency compensation techniques for operational 
amplifiers are introduced. These techniques give performances which are 
close to the limit of the technology used. A switchable class-B output stage 
completes the design. 

Finally, in high-accuracy converters a temperature-stable, low-noise refer-
ence source is needed, Although the bandgap principle is a well-known circuit 
technique for voltage reference sources, this principle can be applied to cur
rent refcrence sources too. The temperature behaviour of a bandgap source 
shows the well-known parabolic temperature relation. By adding additionaJ 
elements to the circuit it is possible to vary the temperature dependence 
from the welhknown "positive" paraboUc curve to a "negative" parabohc 
curve. It is clear that in this manner a compensation of the parabohc tem
perature relation by a proper choice of elements is possible. An improvement 
in temperature dependence by a factor ten can be obtained. An additional 
advantage is the improvement in signal-to-noise ratio of this reference source. 
This improvement is obtained by a factor of two increase in the base volt
age difference across which a voltage is generated with a proportional to the 
absolute temperature dependence. 
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Summary 

Analog-to-digital and digital-to-analog converters are important building 
blocks connecting the analog world of transducers with the digital world 
of computing, signal processing and data acquisition systems. In chapter 
two the converter as part of a system is described. Requirements of ana
log filtering of input signals before they are applied to an A / D converter 
are defiued. In the case of a D/A converter the amount of filtering of the 
repetitive signal bands around multiples of the sampling frequency is given. 
This filtering is needed to avoid overloading of, for example, a power output 
amplifier. 

In chapter three the converter specifications are discussed. DC specifications 
are well known and can be measured with high accuracy. When these con
verters are applied in digital audio and digital video systems, dynamic spec
ifications are needed. The signal-to-noise plus distortion and the Effective 
Resolution Bandwidth prove to be good characterization parameters. 
In chapter four measurement set-ups and measurement methods are intro-
duced to verify the performance definitions given in the previous chapter. 
La chapter five high-speed A / D converters using a folding and interpolation 
scheme are described. The folding scheme is a good compromise between 
power consumption and circuit complexity, which results in a small die size. 
Timing errors introduced by long wires are easier to handle in these folding 
systems. 

In chapter 6 a theoretical treatment of the signal-dependent delay of zero 
crossings of limiting amplifiers is given. In nearly every converter such a non-
linear amplifier is used to amplify or compare signals. This non-linear delay 
results in third-order signal distortion at high frequencies. This distortion 
limits the Effective Resolution Bandwidth of converters. The maximum 
analog input frequency range is obtained when the third-order distortion 
component equals half a least significant bit value. 
In chapter se ven high-resolution A / D and D / A converters are discussed. In 
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these converters a special technique called Dynamic Element Matching is 
used to obtain the high bit-weighting accuracy. This technique combines 
an accurate passiva current division with an interchanging method using 
time division. As a result, the final accuracy is equal to the product of 
two small errors. The final accuracy of this system is more than adequate 
for appHcations in 16- and 18- bit systems. Sample-and-hold amplifiers are 
described in chapter eight. A sample-and-hold unit is a key element in 
successive-approximation analog-to-digital conversion. Samples are taken at 
well-defined time moments and the information is kept stable during the time 
in which the conversion takes place. In the field of high-accuracy sample-
and-hold ampUfiers there are not too many devices available on the market 
with performances adequate for digital audio. 

Finally, in chapter nine reference current sources based on the bandgap prin-
ciple of silicon are discussed. Although bandgap voltage reference circuits are 
well knowUj implementations to obtain reference ciirrents with a minimum 
number of resistors are less well known. A second solution is given which 
perfornis a second-order temperature compensation, resulting in a reduction 
of the temperature coefËcient by one order of magnitude. At the same time 
the proportional to absolute temperature voltage difference is increased by 
a factor two. This results in an improvement of the signal-to-noise ratio. 
Chapter ten contains the final conclusions. 
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Samenvat t ing 

Analoog naar digitaal en digitaal naar analoog omzetters zijn belangrijke 
bouwstenen welke de verbinding vormen tussen de analoge wereld van trans-
ducers en de digitale wereld van rekenen, informatie opslag en gegevens ver
werken. In hoofdstuk twee worden de converters als onderdeel van een sys
teem besproken. Eisen worden gedefinieerd welke gesteld moeten worden aan 
signaal filtering alvorens de signalen aan een A / D omzetter mogen worden 
toegevoerd of in geval van een D / A omzetting voor het wegfilteren van de 
door bemonstering verkregen meestal niet gewenste repeterende spectra ter 
voorkoming van overbelasting van de erna volgende versterkers. In hoofdstuk 
drie worden de specificaties welke moeten worden gesteld aan converters be
sproken. Over het algemeen kan gezegd worden dat de zeer laagfrequente en 
gelijkspannings karakteristieken reeds lang bekend zijn en ook goed gemeten 
kunnen worden. Bij toepassingen in het gebied van audio en video signalen 
dienen er extra dynamische specificaties te worden opgesteld. De signaal-
ruis plus vervormings verhouding en de Effectieve Resolutie Bandbreedte 
welke in dit hoofdstuk worden gebruikt geven een zeer goede karakter is at ie 
van converters in voornoemde gebieden. Hoofdstuk vier behandelt meetop
stellingen en meetmethodes van converters en bemonster en houd schake
lingen. In hoofdstuk vijf worden snelle A / D omzetters volgens een vouw 
en interpolatie systeem besproken. Ten opzichte van de bekende paraleUe 
omzettcr worden bepaalde gedeelten van het circuit herhaalde malen ge
bruikt. Dit resulteert in een veel efficiënter gebruik van circuits, opgenomen 
vermogen en chip oppervlak. Verder is het met een dergelijk relatief klein 
systeem beter mogelijk de zeer kleine tijdverschillen welke een signaal mag 
ondergaan bij transmissie door de verschillende circuit delen te handhaven 
to tdat een definitieve een of nul beshssing wordt genomen. Drie variaties op 

het vouw thema worden besproken met voor en nadelen. 
In hoofdstuk zes wordt een theoretische behandeling gegeven van de vari
atie in vertraging welke een signaal ondervindt dat wordt versterkt door een 
niet lineaire versterker schakeling. Alle snelle omzetters bevatten dergeüjke 
schakelingen. Het gevolg van deze variatie in vertraging is dat een aange
boden sinusvormig ingangssignaal wordt vervormd hetgeen als derde har
monische vervorming aan de uitgang kenbaar wordt. Een ontwerp criterium 
wordt gegeven welke het verband tussen de derde harmonische komponent en 
de minimaal benodigde bandbreedte van de verst erker/comp arator trappen 
aangeeft. De grens wordt in dit geval bereikt indien de derde harmonisch 
komponent bij hoge analoge ingangsfrequenties gelijk wordt aan een halve 
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kleinste bit waarde. 
Hoofdstuk zeven beschrijft hoge resolutie D / A en A / D omzetters. Voor het 
verkrijgen van de hoge weegnauwkeurigheid van de binair gewogen stromen 
wordt een speciaal systeem gebruikt. Dit systeem "Dynamic Element 
Matching'''' genoemd, kombineert een zo nauwkeurig mogelijke passieve stroom-
deling met een omwissel systeem. Het gevolg van deze bewerking is dat 
de eind nauwkeurigheid wordt bepaald door het product van de individu
ele nauwkeurigheden. Aangezien tijd zeer nauwkeurig is op te delen kan een 
zeer hoge eind nauwkeurigheid worden bereikt. Deze nauwkeurigheid is ruim 
voldoende voor 16 en 18 bits systemen. 

De bemonster en houdschakeling wordt in hoofdstuk acht beschreven. Een 
dergelijke schakeling is een sleutel element bij hoge resolutie A / D conversie 
volgens het "Successive Approximation" principe. Daartoe dient een mon
ster van het ingangssignaal te worden genomen welke wordt vastgehouden 
op de monster waarde gedurende de omzetting naar een digitale uitgangs 
grootheid. Voor digitale audio en video systemen zijn deze schakelingen in 
geïntegreerde vorm maar zeer beperkt aanwezig. 

Tot slot volgt in hoofdstuk negen nog een korte behandeling van de ben
odigde referentie stroombronnen welke een belangrijk onderdeel vormen van 
een converter. Alhoewel reeds vele schakelingen voor spannings referenties 
welke de bandafstand van silicium gebruiken bekend zijn, is een uitvoer
ingsvorm welke met een minimaal aantal weerstanden een referentie stroom 
geeft minder bekend. Een tweede uitvoeringsvorm van deze bron maakt 
het mogelijk een tweede orde temperatuur compensatie te verkrijgen terwijl 
door het vergrootten van de temperatuur afhankelijke spanning het ruisge
drag verbeterd wordt. Hoofdstuk tien bevat de belangrijkste conclusies. 
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